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Abstract

Three techniques for reducing power consumption in oversampled receivers are devel-
oped: a method for improving the SNR attainable in power-efficient double-sampled AY
modulators; a combination of polyphase and multistage techniques to minimize power in
decimation filtering; and a method of re-timing decimation to avoid the need for a re-sam-
pling filter in the timing recovery circuits that follow the oversampled ADC.

An analysis of mismatch effects in double-sampled SC AY modulators shows that the
feedback path from the quantizer to the first integrator is dominant, and we show how to
use a bilinear integrator circuit to obtain first-order noise shaping of this error. While con-
ventional double-sampled circuits are limited to 12-bit resolutions with typical compo-
nents, the new circuit can go to 16-bit or better in the presence of the same mismatches.

Cascaded accumulators (typical bit-width of 16~24 bits) in a CIC decimator often dom-
inate power consumption and limit clock rates. Simply using multi-stage CIC decimators
is not a solution. A combination of multi-stage CIC decimators with polyphase techniques
mitigates these problems. We show how to design multi-stage polyphase CIC decimators
by considering aliasing rejection for interference and quantization noise, and by budgeting
the word-length in each stage. We provide a design scheme to simplify polyphase compo-
nents again down to a handful of gates. An FPGA implementation of a 100-MHz digital
downconverter using the new design shows a 5x power saving. The technique makes low-
power and GHz-rate decimators practical by reducing the peak rate.

In an oversampled receiver, we show that moving timing recovery function into an ex-
isting decimator offers the fine resolution required at a much lower cost than interpolation
method. This allows us to adjust timing by a typical 1/64 of a symbol period. Simply shift-
ing this clock phase is not a solution, however, because it produces large "glitches" at the
output. We show that the glitch settles out after N (typically 3 or 4) samples, so that it can
be eliminated by using a dual-differentiator decimator. We analyze timing jitter and SNR
bound due to interferer mixing with jitter and show a good fit with simulation. One exper-
iment shows that the SNR bound result is within 1.5 dB of consistency with the estimate.
We verify the stability and validity of the circuit by implementing an FPGA chip for BPSK.
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Chapter 1
Introduction

Personal communication services (PCS) are growing rapidly due to advances in digital
wireless communication theory, Very Large Scale Integration (VLSI) technology, and Dig-
ital Signal Processing (DSP) techniques [Skla88], [Padg95], [Rapp96]. To accommodate
this tremendous growth, engineers specializing in radio systems, DSP and VLSI are team-
ing up to define new architectures and methods for digital radio receivers.

Modern radio receivers digitize input signals early [Meyr95], [Mito95], often with an
oversampled Analog-to-Digital Converter (ADC) [Thur95]. A typical architecture of a dig-
ital radio receiver is shown in Figure 1.1. The receiver consists of an analog front-end, a
delta-sigma (AX) modulator ADC, Digital Downconverters (DDCs), symbol timing recov-
ery and other DSP functions. The front-end output may be an Intermediate Frequency (IF)
signal or a baseband signal. In an IF-digitization receiver, a bandpass A% modulator digi-
tizes the IF signal and I/Q signals are separated by two DDCs which consist of decimators
and Numerically Controlled Oscillators (NCOs). In a baseband-digitization variation, two

lowpass AY modulators digitize the I and Q signals and DDCs are simply decimators.

_______ 1,
[F/Bsa'.set;land Decimator H—p
ign

F?:::osnd ModAuzl:ator : Symbol
-End| NCO__ _ DDC, | Timing [—»DSP

. Recovery

Free-Running DDC
Clock ¢

Figure 1.1 Digital architecture for a modern digital radio receiver

A. Motivations
Traditionally, power for cellular telephony has been dominated by the transmitter, but
for modem portable applications it is often of key importance to reduce power consumption

in receiver: receivers defines standby time, which is of increasing importance as decreasing
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3-

4-

7-

with typical components and SNR degradation is negligible compared to the improve-

ment that can be obtained by double-sampling.

We verify the proposed architecture by a low power implementation. The HSPICE sim-
ulation shows that the SNR is 81 dB with an effective OSR of 100. The estimated power
is 1 mW at 50 MHz clock rate compared to a low power second-order A% modulator con-
suming 2.5 mW at 4 MHz clock rate {Rabi97].

CIC decimators are used in AX ADCs. The high-speed part of a CIC decimator typically
consist of three or four 16~24-bit accumulators which often dominate power consump-
tion and limit clock rates. Simply using a multi-stage CIC decimator is not a solution.
We show that these problems can be mitigated by combining multi-stage CIC decima-
tors with polyphase techniques. We derive architectures for the multi-stage polyphase
decimators and show that this technique makes decimation possible in micropower and
GHz AX ADCs.

We advance the art of design for multi-stage polyphase CIC decimators and develop de-
sign methods to simplify circuits. We show that the order of the first full-rate polyphase
decimator can be equal to the order of the AY modulator. This saves log,(Ry) bits, where
R, is the first downsampling ratio. The SNR loss is insignificant in comparison to the
actual SNR obtained by a high speed A modulator. A design scheme to simplify the
realization of polyphase components without using adders for a AY modulated signal is
proposed. It further reduces the word-lengths of the polyphase components and the sub-
sequent CIC decimator by 2~3 bits. We also show how to design a multi-stage polyphase

decimator by budgeting the word-length in each stage.

We demonstrate the above technique for high speed and low power by implementing a
Field Programmable Gate Array (FPGA) DDC chip which consists of a multi-stage
polyphase CIC decimator. This chip is able to downconvert an IF signal modulated by
a Quadrature Phase Shift Keyed (QPSK) scheme at 100 MHz. We show that it achieves
a 5x power saving compared with a conventional multi-stage version. The measured out-
put SNR is 56 dB (80.1 dB in the desired band) and the measured eye diagram shows a
negligible Eb/No loss (< 0.1 db), which are in agreement with theoretical results.

A technique to move the timing recovery function into the CIC decimation in a A mod-

4



Chapter 1 : Introduction

ulation based receiver is proposed. The timing resolution is 1/(2*OSR) of a symbol pe-
riod, where the OSR is typically 64 or higher. Simply changing the re-sampling clock in
a CIC decimator, however, creates glitches at the output which settle out after N (typi-
cally three or four) samples. The glitches affect the timing error detection. We propose
a solution to eliminate the "glitches” by a dual-differentiator CIC decimator. In the
scheme, the signal is re-sampled by two different clocks into two differentiators where
uming changes are separated by four samples. The output is taken alternately from those
two differentiators. The proposed method offers the fine resolution required in modula-

tion schemes such as high-order QAM at a much lower cost than interpolation method.

We derive for the mean and variance of the timing jitter introduced by this method. We
show that an interferer at the out-of-band channel creates in-band spur noise due to its
mixing with timing jitter, which limits the SNR. We present curves that can be used for
system design in the specific practical case of an alternate-channel interferer. We show
a good fit between theory and simulation. The performance is determined by o (the
transmitter and receiver clock rate difference) and OSR: (a) for a small o < ﬁi , the
rms timing jitter is dominated by OSR and its slope is -3 dB per octave of OSR. The
slope of SNR bound for interferer mixing is -3 dB per octave of cor 3 dB per octave of
OSR. (b) for a large o > 7—'0—4§ , the rms timing jitter and SNR bound are dominated by

the frequency difference o Their slopes are 3 dB and 6 dB per octave of a respectively.

9- One experiment demonstrates that the method works in the presence of alternate inter-

ferer and in conjunction with carrier recovery. The measured SNR bound is within 1.5
dB of consistency with the estimate. The low complexity and stability of the technique
is demonstrated by implementing an FPGA chip. The chip is able to do re-timing for a
Binary Phase Shift Keying (BPSK) IF signal. It is functional and stable. The measured
eye diagram shows that an Eb/No degradation bound of about 0.75 dB is introduced by
the timing recovery loop.

. Thesis Organization

This thesis is organized as follows:
Chapter 1 presents the motivations, contributions and organizations of this thesis.

Chapter 2 provides necessary background on digital radio receiver architectures, in-







Chapter 1 : Introduction

imators to wideband and narrowband DDCs are discussed. Detailed circuit designs for an
100 MHz FPGA DDC are also described. In Appendix C, detailed circuit designs for the
symbol timing recovery FPGA chip are given. A preliminary study on a re-timing scheme

based on adjusting delays in the loop is presented in Appendix D.




Chapter 2
Background and Overview

Digital techniques play a key role in building high performance, low cost and low
power receiver subsystems for cellular and PCS communications [Brod92], [Meyr95],
[Bain95], [Wepm95]. Many modern radio receiver architectures utilizing digital tech-

niques have been developed [Coy92], [Ches94], [Abid95], [Mit095], [Thur95] and they
can be categorized as baseband and IF digitization receivers. The key components in these
architectures are ADCs, decimators or DDCs, re-timing circuits and other DSP functions.

One of the major concerns in handset devices is power consumption. The key to suc-
cess is developing lc;w power circuits such as AX ADCs, high-rate decimators and all-digi-
tal baseband processing such as symbol timing recovery. Many methods have been
developed to minimize power at different levels such as at architecture, circuit and IC
technology levels.

This section provides background knowledge and overviews of digital radio architec-
tures, (double-sampled) AT modulation ADCs, low power decimators (and DDCs), and

digital re-timing techniques. The section is organized as follows: an overview of modern

digital radio receiver architectures is given in Section 2.1. AS modulators are reviewed and

various double-sampling techniques to mitigate the mismatch effects on AZ modulators

are presented in Section 2.2. In Section 2.3, the well-known CIC decimators are reviewed.

Issues of power consumption and speed limitations with conventional architectures and

their multi-stage variations are discussed. In Section 2.4, we review three all-digital sym-

bol timing recovery techniques. Comparisons among these techniques are given in terms

of complexity and DSP computation. Finally, a summary is given in Section 2.5.

2.1 Digital Radio Receiver Architectures

Modem radio receivers have advanced to take advantage of digital techniques. Their
architectures are greatly influenced by current VLSI technologies, especially by high
speed ADCs, Application Specific Integrated Circuits (ASICs) and DSPs. The key to the

8
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choice of digital receiver architectures is determined by high performance and low power
ADCs, DDCs, re-timing circuits, etc. In the following, two kinds of digital receiver archi-
tectures are reviewed. They are categorized in terms of where to digitize the received sig-

nals, that is, baseband and IF digitization.

2.1.1 Receivers with Baseband Digitization

In baseband-digitization receiver architectures, the Radio Frequency (RF) signals are
quadrature-downconverted in several stages to I/Q baseband where digitization occurs.

They can be further categorized as superheterodyne and direct-conversion receivers.

A. Superheterodyne Receivers

The superheterodyne receiver was introduced by Armstrong in 1918 [Abid95] and has
been considered as the radio receiver of choice due to its high selectivity and sensitivity.
The idea is to translate the RF signal by several mixing stages down to I/Q baseband sig-

nals where the signals are digitized.

RF Stage | IF Stage E Digital Baseband Stage
: N I
. 0'0 == Lowpass Decimator
T P @y, @fp oS e
~ = =H (@ Los DSP
90°
LO1 LO2 ’I‘ ngz,lass Decimator 2

Figure 2.1 A typical superheterodyne receiver with baseband digitization

A typical double-conversion superheterodyne digital radio receiver is depicted in Fig-

ure 2.1 [Coy92], [Meyr95). It is called a baseband-digitization radio receiver. The received
RF signal is first filtered and low-noise amplified by a Low Noise Amplifier (LNA). It is

then mixed with a variable local oscillator LO1 to an IF signal centered at fiF1- This IF fre-

quency is fixed for the entire reception band to ensures consistent performance across
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* DC offset - It results from: (1) 7 and Q mismatch, (2) LO leakage to the antenna,
reflected back to the mixer, (3) a large near-channel interferer and second-order har-
monic signals leaking into the LO port of the mixer and self-downconverting to DC.

* l/fnoise - This noise in the mixers and amplifiers degrades the SNR.

* high dynamic range for analog front-end (e.g., mixers) - high dynamic range due to
strong interferers and weak desired signals.

* high Spurious Free Dynamic Range (SFDR) for ADCs - channel selectivity is pref-
erably achieved by digital filtering and requires a high SFDR for ADCs to handle
strong interferers. SFDR is defined as the ratio of the tone signal power to the peak

power of the largest spurious signal in the ADC output spectrum.

RF Stage ! Digital Baseband Stage
]
[ ]
LZ;K:SS Decimator I
ng DSP
LZ;:,IF\,'IaSS Decimator Q

Figure 2.2 A typical direct-conversion receiver

2.1.2 Receivers with IF Digitizaiion

There are some problems with baseband-digitization receiver architectures such as 7Q
mismatch, 1/f noise, DC offset, etc. To solve these problems, architectures with IF digiti-
zation have been proposed, where the incoming analog signal is digitized at an early stage.
The key components in the architecture are high speed ADCs and DDCs. The ADC may
be a bandpass AZ [Thur95] or a wideband Nyquist ADC [Wepm95]. Digital techniques are

used extensively to achieve high performance and high integration. The receivers can be

further categorized as narrowband and wideband receivers [Mit095], [Thur95].

11
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A. Narrowband IF-Digitization Receivers

Narrowband IF-digitization receivers shown in Figure 2.3 are designed to demodulate
only one frequency channel at one time [Coy92], [Meyr95], [Thur95] and are suitable in a
handset design. The bandwidth in a handset device is 200 KHz for GSM in Europe or 30
KHz for IS-54 in North America. Low power consumption is often required (typically
below 10 mW).

LO1 is variable and is tuned to the desired band. The first intermediate frequency fiF is
fixed. A fixed LO2 is used to further downconvert the signal centered at fiF1 10 fip>- Note
that the IF?2 filter is often a SAW (surface acoustic wave) filter which does anti-aliasing
and help channel selection. The combination of analog filters and digital filters provides
the selectivity.

The IF signal at fyr is digitized by a bandpass AS ADC. A DDC is used to digitally
translate the signal at f; into baseband / and Q signals. The DDC consists of a Numeri-
cally Controlled Oscillator, digital mixers and decimators as shown in the figure. Decima-
tors downsample the high data rate to Nyquist rate and suppress the unwanted signals
(quantization noise and adjacent interferers). The lower-rate digital 7 and Q signals are

then processed by DSP for timing recovery and other functions.

RF Stage :+ Analog IF Stage & Digital [F Stage * Digital Baseband Stage
[ ] [']
. . .
' : . Decimator I
T ¢ @fir, @fir &
= = A Pandpass | @) Neo DSP
IF1 IF2
Filte
,\l uier Filter 90
Lol LO2 | Decimatorf—<

—— DDC —»

Figure 2.3 A superheterodyne radio receiver with IF digitization

The interferers may be at high levels after the SAW filter but can be removed by subse-

12
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quent high performance digital filters. According to the Nyquist sampling criterion, the
sampling rate must be at least twice the signal bandwidth but not its absolute frequency.

Therefore, the sampling rate can be lower than Jir- The sampling rate f; is commonly cho-

sen such that the signal at f; is aliased by the IF sampling process down to a digital IF

1 3
frequency of 3/ forodd k and zf . for even k. Hence, the sampling rate should be

1F

(2.1

where k is an integer [Cons83], [Meyr95]. The outputs of the NCO become simple
sequences {1,0,-1,0,...} and {0,1,0,-1,...} respectively. The spectrum is phase-reversed
when k is even. The simplest implementation is when k = 1 and it relaxes requirements for
sampling aperture jitter and IF2 filter. Undersampling occurs when & 2> 2 [Gros91].

The receiver dynamic range will be greatly limited by the SFDR of ADCs. A bandpass
A% ADC is a good candidate for this application due to its inherent linearity and high

SFDR [Schr89], [Thur95]. In Figure 2.3, the ADC may be replaced by a AT based fre-
quency discriminator which directly digitizes the phase of the IF2 signal [Bear94]. This
approach is suitable for a phase-modulated signal, such as signals using Gaussian Mini-
mum Shift Keying (GMSK) and QPSK modulation.

B. Wideband Receivers
The idea of the wideband receiver is to share the common RF / IF front end, including a

wideband ADC, to demodulate multiple frequency channels at the same time in the DSP

stage. Thus, this architecture is suitable for basestation receivers. Figure 2.4 shows the
architecture where all the analog local oscillators (LO1 and LO2) are fixed, and a DDC is
used to tune to the desired channel. The ideal wideband receiver should accommodate
simultaneously all, or a large fraction, of the downlink band (824~849 MHz and
1850~1910 MHz for North America cellular and PCS, respectively).

Wideband ADCs and low power DDCs are critical in this architecture. The wideband
ADC should have a high enough conversion rate (e.g., 65 MHz for a 20 MHz band) and a

sufficient SFDR (e.g., > 80 dB for IS-54 in North Amerca [Wepm95]). DDCs may be

13
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SFDR and SNR (> 60 dB, typically 80 dB). Double-sampling SC implementation of a AY
modulator improves SNR by (6M+3) dB in an M order modulator almost for free. How-

ever the achievable SNR is limited to < 60 dB by capacitor mismatch. Solutions should be
worked out to remove the limitation. In the following section, general AY. modulation tech-

niques and the state-of-art of double-sampled A modulation techniques are reviewed.

2.2.1 Overview of Discrete-Time AX Modulation

Quantization of amplitude and sampling in discrete time are at the heart of all digital

modulators. If the quantization error is treated as white noise having equal probability in

the range A q/ 2, its rms value is given by [Cand92],

A

= =2 )
erm: - zﬁ’ (2.2)

where A, is the quantization level spacing. The spectral density of the quantization noise is

given by [Cand92],

2
EQ = erMSJJ;S,OSf<}’:/2. (2.3)
x(n) — Integrator —»{ ADC y@’ Decimation|
- Filter
(a)
DAC ¢———mm—

P e D ) Decimation

: Delay T @ T Filter >
(b) A S . e(m).

Figure 2.6 (a) A generic delta-sigma ADC and (b) its linear model
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A block diagram of a generic AS modulator is depicted in Figure 2.6 (a) where x(n) is
an analog sampled input and y(n) is the digital output of the AYX modulator [Cand92],

[Aziz96]. The input to the circuit is fed to the quantizer via an integrator, and the quan-
tized output is fed back and subtracted from the input. This feedback forces the average
value of the quantized signal to track the average input. Any difference between them
accumulates in the integrator and is eventually corrected by feedback. Note that errors in
the Digital-to-Analog Converter (DAC) may directly contribute to the output and degrade
SNR. Therefore a one-bit quantizer is often preferred in a AS modulator. In this implemen-

tation, the integrator can be a continuous-time or discrete-time circuit. A SC integrator is
widely used in this configuration. The linearized sampled-data model is shown in Figure

2.6 (b), where the integrator has gain H(z) and the white quantization noise is e(n). The

output in the z-domain can be expressed as,
Y(2) = Hy(2)X(2) +Hp (D) E(2) (2.4)

J2r (/1) . . . . .
where z = e and f; is the sampling rate. The signal and noise transfer functions

) H(z2) 1 .
are given by H, (z) = m and Hp (z) = m respectively.

In a lowpass AX modulator, Hy(z) and Hg(z) are a lowpass (or allpass) filter and a high-
pass filter respectively. The output quantization noise is shaped by Hg(z) in such a way

that most of the energy resides outside the desired band. A decimator is used to remove the

out-of-band noise, downsample the data rate, and increase the word length.

If the integrator in Figure 2.6(b) has gain H(z) = z '/ (1 -z, then H,(z) = !
and Hg(z) = (1 —z—l) . This is a first-order AT modulator. The spectral density of the

shaped modulation noise N (z) = Ho(2)E(z) = (1 —z_l) E (z) can be expressed as,

NG| = [E@ (1 -] 2ermsjgsin(%) (2.5)
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AX ADC is the ideal candidate for the narrowband IF-digitization radio receiver. A band-
pass AX ADC has also been demonstrated in an RF-digitization radio receiver [Gao97].

AZ ADC:s are popular due to the following facts [Cand92], [Aziz96], [Nors97]:
* they are tolerant of analog component variations and hence can achieve higher reso-
lution and higher linearity (or high SFDR) compared to Nyquist ADCs.
* they alleviate the tough requirement for an anti-aliasing filter due to oversampling.
* they permit easy integration with other digital CMOS components since they do not

require trimming and thus are suitable for standard CMOS VLSI processes.

2.2.2 Double-Sampled A> Modulation

In digital radio, a low power lowpass AX ADC in a baseband-digitization receiver is
critical and a low power, high speed bandpass AX ADC is critical for an IF-digitization
receiver, especially for a handset. Power consumption increases lineariy with clock rate

only up to a critical rate in a CMOS AX modulator. Above this rate, power consumption

increases quadratically with the clock rate [Malo95]. A general practice for low power
would be to keep the clock rate as low as possible.
Parallelism allows a high OSR at a low clock and hence is power efficient in the qua-

dratic case. Several techniques using parallelism have been proposed to reduce power con-

sumption or increase the bandwidth of interest [Hurs90], [Aziz93], [Khoi93], [Galt95].
However, all those techniques suffer SNR loss due to mismatch between signal paths.
Double-sampling is one of these techniques and will be focused in this work. We review

the state-of-art of mismatch mitigation methods in double-sampled modulators.

A. Conventional Double-Sampled AX Modulation

Double-sampling increases the effective sampling rate by a factor of 2 or reduces the
clock rate (and the speed requirement for the op-amps) by a factor of 2. Only capacitors
and switches are doubled. Double-sampling imposes no extra requirements for the op-

amps. Hence it is an efficient technique for low power applications. The double-sampled
SC circuit for filtering applications was proposed in 1980 [Choi80]. A single-sampled SC

circuit samples the input signal in one phase and transfers the charge to the output on

another. Hence, it wastes op-amp on one of two phases. A double-sampled SC circuit sam-
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ples the input on both phases, therefore doubling the sampling rate. Note that the double
sampling is different from an "N-path"technique (N = 2) [Greg86]. In a double-sampled

SC circuit, the op-amp is shared on both phases while two op-amps are required in the
two-path case and each path has its own op-amp.
In a CMOS analog circuit, the bias current required to get adequate settling increases

linearly with clock rate in the weak inversion region and quadratically in the strong inver-

sion region. This is different from CVZf formula for the digital circuit which describes

saturated switching. Hence, there is a critical rate, above which power consumption
increases quadratically [Malo95]. For the quadratic case, a power consumption compari-
son of three techniques mentioned above is listed in Table 2.1 where P; is the power con-
sumption of a single-sampling SC circuit at sampling rate f;. As can be seen, double

sampling is the most power efficient technique.

Table 2.1 Power consumption comparison in different SC techniques

Sampling Smg!e Two-path Doub.le
rate sampling sampling
f P, PJ2 PJ/4
2f; 4P, 2P, P,
A2
2
2
ZLTI 1 *
(I . — 1
.

N 1 k“ 2 S :_:r‘f y2
L e ,
T ~Fl T

A "
3/m
<
Ve

Figure 2.8 A first-order double-sampled SC deita-sigma modulator
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with the adding of a pair of capacitors. Three input capacitors are connected to the op-amp
during every sample period and hence limit the speed. Additionally, this scheme needs a
complex finite state machine (FSM) to generate clocks which are required by the feedback
loops. This makes the design more complex and consumes extra power.

An improvement to the above scheme called individual-level averaging switching

scheme was proposed in [Than97]. This method is quite similar to the above scheme. The
improvements over the above scheme are: (1) three capacitors connected to the op-amp
during every sample period are reduced to two; (2) the FSM circuits are simplified. The
drawback of using FSM circuits still has not been eliminated.

We address the problem in Chapter 3 of this thesis [Yang94], [Yang96c]. We identify
that mismatch in the first feedback integrator dominates. When this integrator is replaced
by a double-sampled bilinear integrator, we obtain first-order shaping of mismatch error.

More recently, a double-sampled AT using differential bilinear integrators has been
reported [Send97]. A fully floating double-sampling differential bilinear integrator is con-
structed by a rearrangement of the sampling capacitors. In the scheme, all integrators are

replaced by bilinear integrators. Although the mismatch problem is solved, the SNR is lost

by 5 dB in this architecture compared to a negligible degradation in [Yang96c].

In summary, A¥ ADCs are used in radio receivers due to their high resolution and high
SFDR. The double-sampling SC technique is power efficient (x4 savings compared to sin-
gle-sampling case). However the achievable SNR is limited by mismatch in signal paths to
12-bit resolution. Several techniques to mitigate the mismatch effect have been reviewed.

Double-sampling lowpass AX ADCs can be used in digital baseband digitization
receivers. Following the AY modulator is a decimator or a DDC, which is reviewed below

together with a proposed solution for low power consumption.

2.3 Decimation and Digital Downconversion

Decimators are key components in modern digital radio receivers, as was described in

section 2.1. A AZ modulator is always followed by a decimator. In an IF-digitization

receiver, a DDC is used to separate the I and Q signals as well as to decimate the oversam-
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It is stated in [Hoge81] that this is of no consequence if the following two conditions
are met: (1) The filter is implemented with two’s complement arithmetic or other number
systems which allows "wrap-around” between the most positive and most negative values,
and (2) The word-length is equal to or exceeds the maximum magnitude expected at the
output of the CIC decimator.

The CIC decimator is very efficient in these senses: 1) it uses no multipliers, 2) it needs
no storage elements for coefficients, 3) it has a regular structure, 4) and it allows a wide
range of rate-change.

To design such a decimator, word-length analysis is required. We use two's complement

number representation. Assume the word-length of the input data is (B, + 1), the maxi-

mum word-length at the output of CIC decimator is (B max T 1) . where [Hoge81]
B, .. = [Nlog,R|+B,,, 2.7

where [x7] is the smallest integer not less than x. Note that the word-length increment in

B .. relative to B, is almost proportional to the number of stages N and log, (R) . Fora

large value of rate-change R, this increment may be large. Not only is (B___+ 1) the

max
word length at the filter output, but it is also the maximum word length for all stages of the

filter. In designing a CIC decimator, a straightforward way is to use (B, .+ 1) bits inter-

nally in integrators and differentiators. However, truncation or rounding may be used at

each integrator or differentiator stage to reduce the register length [Hoge81].
There are two considerations when we specify the aliasing attenuation requirement in a

radio receiver: quantization noise aliasing and the interference aliasing. The aliasing atten-
uation is determined by the number of stages N and downconversion factor R. The
choices of N and R are made suitably to provide acceptable passband characteristics.

As noted in Figure 2.10, in the vicinity of kf./R, k =1, 2,..., the quantization noise
within a bandwidth of 2f; will be folded into the baseband, where f, is the desired band-

width. Candy has shown in [Cand86] that N should be at least 1 plus the order of the AX
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modulator in order to prevent excessive aliasing of quantization noise power from entering
baseband.

Interferers located at kf,/R £ f, are folded into the desired band after decimation. The
least aliasing attenuation occurs at fs/R—f,. The aliasing attenuation is determined by

OSR = (f,/R)/ (2f,) - The interferers can be 60 dB higher than the desired signal in a

typical radio system. The attenuation of anti-aliasing filter plus the attenuation provided
by the decimator should meet the requirement.

In-band droop is another consideration. The largest droop occurs at Jo and is deter-

mined by the number of stages N and downconversion factor R. The droop is compen-

sated by a low-rate (typically Nyquist rate) amplitude correction filter.

20log, H(Z)!
ﬁ 2fo 2fo %o

< »> < > <

f./R 2f./R 3f./R

Figure 2.10 Frequency response of a CIC decimator

2.3.2 Decimation and DDC

A DDC consists of a digital mixer and decimation as shown in Figure 2.3. It downcon-

verts a digitized IF signal coming from a bandpass AY modulator [Schr90] or other ADCs.

Therefore, the key component is still the decimator.

Usually, multi-stage decimators are employed to complete the decimation [Croc83] and

the first one is often the CIC decimator due to its full sampling rate. The output rate of the

CIC decimator is often chosen to be four times the Nyquist rate [Cand86]. Thus, another
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decimation by 4 is needed to bring down the data rate to the Nyquist rate, which is often

accomplished by two halfband decimators [Bran94], [Nors97].

A. Power Consumption and GHz-Rate Operation

CIC decimators are simple circuits for decimating A modulated signals. However,
they require clocking 3~4 accumulators (typical bit-width of 16~24 bits) at full speed and
therefore dominate power consumption and limit clock rates. This becomes more critical
for low power consumption or GHz-rate decimation.

To give an idea of the power consumption by the full-rate cascaded integrators, we take

an example from a decimation chip reported in [Bran94]. This chip is optimized for low-
power consumption and is for a second-order AY modulator. In the implementation, a con-
ventional three-stage CIC decimator was used, followed by two polyphase halfband filters
(18 and 110 taps respectively) and one droop correction filter (8 taps). The internal word-
length in the input cascaded integrators is 20-bit. The full-rate integrators consume 16 %

of the total power when the input oversampling rate is 11.3 MHz and OSR = 256
[Bran94]. The downsampling ratio is programmable. If the OSR increases to 5 12, the inte-

grators may consume as much as 38 % of the total power!. In the implementation, the
polyphase technique which may be exploited to reduce the power consumption was only
used in low-rate halfband filters. Considerable power was still consumed by CIC integra-
tors which operated at a higher rate. If simple IIR filters are used to replace long-tap half-
band filters, the power consumption taken by integrators out of the total chip power will
be higher than reported.

It is very difficult to design 20-bit cascaded integrators at GHz rates with reasonable

power consumption. A second-order bandpass AY modulator at 3.8 GHz with its center fre-

quency at 950 MHz has been developed in a 0.5 pum bipolar process [Gao97]. It achieves
an SNR of 56 dB over a 200 KHz bandwidth. A 4 GHz-rate bandpass AY. modulator has

been reported [Ragh97] and its noise notch is programmable from 0~70 MHz. The SNR
achieved is 92 dB within a 200 KHz bandwidth. A 3.2 GHz second-order lowpass AY

1. Assume the power consumption of the integrators increases proportionally to the
clock rate change.
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modulator implemented in InP Heterojunction Bipolar Transistor (HBT) technology was

reported in [Jens95]. The SNR is 55 dB over signal bandwidth of 50 MHz. To decimate
the second-order bandpass AY modulator, one needs a two-stage CIC decimator. The inter-
nal word-length growth for the 3.8 GHz cascaded integrators is 24-bit when the data is
downsampled to 800 KHz. For the second-order lowpass AY modulator, we need a three-
stage CIC decimator. Three cascaded 10-bit accumulators at 3.2 GHz are needed. In either
case, one can see the difficulty in implementing such high-rate accumulators without con-

suming considerable power.

B. Multi-Stage CIC Decimation: Any Advantage?
As a general rule, multi-stage FIR decimators save dramatically in terms of the number

of taps in each stage compared to single-stage counterparts [Croc83]. Take an example
from [Croc83] where we need to decimate a signal with a sampling rate of 10 KHz by a
ratio of 100 to a rate of 100 Hz. A single-stage FIR decimator needs 5080 taps. In a two
stage design, the first decimator downsamples the signal by 50 and the second by 2. The
required taps are 263 and 110 for the first and second decimators respectively. The savings
are 13x and 8x in terms of taps and computation (multiplications).

Multi-rate design using CIC decimators has been discussed in [Chu84] where multiple
cascaded CIC decimators are used instead of a single CIC decimator. As a result, the
word-length re-growth in each CIC decimator is reduced since the downsampling ratio in
each decimator is decreased (see equation (2.7)). However, the power / hardware saving
results for FIR decimators do not apply to the multi-stage CIC decimator, as will be dem-
onstrated below.

Assume we have a second-order AX modulator with OSR = 256 and the downsampling
ratio is 256/4 = 64. Using a single CIC decimator, the minimum internal word-length is
2+3log,(64) = 20 bits [Cand86]. For comparison, we use two cascaded CIC decimators
where each downsamples by a factor of 8. The minimum internal word-length in the first
CIC decimator is 2+3log,(8) = 11 bits and the second is 11+3log,(8) = 20 bits. The power

saving is quite small (1~5 %) in comparison to the total power of the whole decimation

chip!. However, the two-stage CIC decimation design is more complicated in terms of
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hardware since we need six extra 11-bit adders. Compared to the multi-stage FIR decima-
tion design, the gain with the multi-stage CIC decimation design is insignificant.

To the author’s knowledge, there is no publication discussing multi-stage CIC decima-
tion for A¥ modulators. The above explanation possibly is the reason. Also multi-stage
CIC decimation does not help much in GHz-rate decimation since it is still difficult to

implement 11-bit accumulators at 3.2 GHz.

C. Time misalignment
One problem associated with the narrowband DDC is time misalignment which is dem-

onstrated in Figure 2.11. To simplify the implementation, decimation by two is performed
in each of the / and Q channels by eliminating the zero-valued multipliers. This decima-

tion causes the sampling images to coincide with the double-frequency terms produced in
the mixing process [Saul90], [Thie90]. It therefore eliminates the need for lowpass filter-
ing in this simple decimation. The simplified DDC is shown in Figure 2.11(b). However,
this simplification causes a time misalignment between I and Q channels as shown in Fig-
ure 2.11(c), where the sample I, is paired with Q;(i=1,2,..). The [ and Q samples ideally

should be taken at the same instant.

1.0.-1,0 1.-1
/ I/
Decimau'on'——» [ Decimation |
F AZ F AZ
Signal Modulator | Decimation| Signal | Modulator _;\_.(?—,( Decimation l—-;
Q Q
0,1,0.-1 1.-1
(@) (®)

Figure 2.11 Time misalignment in a narrowband DDC

1. Assume the complexity of accumulator is proportional to the bit width.
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integrators in CIC decimators often dominate power consumption and limit clock rates.
Unlike a multi-stage FIR decimator, a direct application of multi-stage design to a CIC
decimator is not a solution. A proposed solution is to combine multi-stage design with
polyphase techniques.

The multi-stage polyphase CIC decimators can be used with double-sampled AY modu-
lators to achieve low power in baseband digitization receivers. They also can be used in IF
digitization receivers to achieve low power or high speed (e.g., for GHz AX modulators).

Following the AX ADC is a timing recovery circuit. In the following section, we review
all-digital methods for re-timing and show how to simplify the re-timing circuit in an over-
sampled receiver design which requires a high timing resolution by moving the re-timing

function into a modified CIC decimator.

2.4 All-Digital Approaches to Symbol Timing Recovery

Symbol timing recovery is critical for reliable data detection in modern digital commu-

nications [Lee90], [Skia88]. The purpose of symbol timing recovery is to synchronize the
timing samples to the symbols of the received data signal. There are several ways to

recover the symbol timing and in general, they can be categorized as [Lee90], [Gard93]:

* pure analog recovery, shown in Figure 2.12 (a).

* mixed (analog-digital) recovery, shown in Figure 2.12 (b).

* all-digital recovery, shown in Figure 2.12 (c).

The first two methods require a Voltage Controlled Oscillator (VCO) to create a syn-
chronized timing clock to drive an ADC. Those two methods require the subsequent cir-
cuits to run at this recovered clock. This creates difficulties in DSP and controller timing.

To take advantage of low cost and high quality digital techniques (hardware and soft-
ware), it is desirable that the whole timing recovery circuit be implemented digitally
[Asch89], [Pokl92], [Meyr95]. In some circumstances, only digital recovery is possible
since sampling cannot be synchronized to the received signal. Examples include: (1)
multi-channel signals in a wideband receiver, (2) multi-user signals in a CDMA (Code

Division Multiple Access) receiver.
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Figure 2.12 Three categories for timing recovery: (a) analog method, (b)
mixed method, and (c) all-digital method

The all-digital method uses a free-running clock and the timing recovery activity takes

place in a digital processor. The key in this method is a timing adjustment device (or a re-

uming circuit) which usually implements a fractional delay [Croc83], [Laak96]. There are
three techniques for all-digital implementation [Laak96], [Soli90], [Yang96b], including

the decimation method in this thesis. They are described in the following sections.

A. Directly Processing Oversampled Signals

A brute-force method to implement re-timing is to directly process oversampled sig-
nals. In some modulation techniques such as BPSK/QPSK, the time resolution of 8x over-
sampling is adequate. In the demodulation stage, one can directly process an 8x

oversampled signal digitally and then choose one of 8 available samples per symbol to
adjust the timing [Soll90]. This method is quite simple to implement, avoiding any effort

to obtain the re-timing samples. The disadvantage is that one has to deal with the high rate

data stream and a high speed DSP must be used to process the incoming 8x oversampled
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signal. A dedicated high speed ASIC may be required but at the expense of consuming
more power.

It is costly to directly process > 8x oversampled signals and hence this method is not
suitable for modulation schemes which require a high timing resolution (e.g., better than

1732 symbol interval) like 64-level or higher Quadrature Amplitude Modulation (QAM).

B. Interpolating Sampled Signals
The interpolation method for symbol timing recovery [Haou87], [Gard93], [Laak96]
shown in Figure 2.13 is waditionally used for all-digital implementation where the sam-

pling rate is less than 8x symbol rate. In the figure, a free-running clock samples the ADC

and the timing is fine-tuned by a digital processor via controlling the coefficients in the

FIR interpolator.
. . Data Out
Analog If > Interpolation || Digital | 77% 77
T Processor
Free-Running Timing Adjustment

Clock

Figure 2.13 Interpolation method for timing recovery

Timing adjustment is done by digitally re-sampling the input digital signal. The key in
this technique is a re-timing device called an interpolator which approximately realizes a
fractional delay. The performance (e.g., image rejection, jitter) of this technique is deter-
mined by the filter types and the number of taps. As well as the conventional FIR lowpass
filter design methods [Croc83], many other design methods for such an interpolator have

been proposed [Laak96]. To simplify the implementation, an efficient alternate to a sepa-

rate interpolator is to combine it with a matched data filter [Gott94].

To implement a timing resolution T/M,,, we need M,/2 or M_/4 subfilters for a sam-
pling rate fyor 4f,, respectively, where fsy is the symbol interval. By selecting the signal

from one of these subfilters, we can implement a fractional-delay adjustment. The number

of taps in each of these subfilters depends on the requirements (e.g., image rejection). For
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This method is very efficient since we use a modified existing decimator to do re-tim-
ing at a little extra cost. The hardware savings are small for BPSK/QPSK since interpola-
tors are simple. For a high-order QAM system, however, our method offers the fine
resolution needed for good performance at a much lower cost than interpolation. Addition-
ally, the complexity of this technique is independent of the timing requirements and mod-

ulation schemes unlike the interpolation method.

There is another method which also takes advantage of oversampling [Abou94]. The
timing phase is adjusted by directly changing the oversampling clock. The clock is used to

sample a AYX modulator. This method falls into the mixed type in the category described in

Figure 2.12. The decimation following the AY modulator is fixed.

In summary, all-digital symbol timing recovery methods are favored in modern digital
radio receiver design. We have reviewed three methods and shown pros and cons of each
method. For a high-order QAM system, however, the proposed decimation method offers
the fine resolution required at a much lower cost than interpolation method.

The proposed decimation re-timing method can be used in any receiver type discussed

for symbol timing recovery.

Analog In . Data Qut
=

———AIM Decimation |+ Interpolation |

—L Timing

0 ling Lower Rate
(a) versampling (< 8x) Adjustment

Analog In igi
£ -»{ AZM »{ Decimation Digital ‘____’Data Oug
T _T Processor
(b) Oversampling Timing Adjustment

Figure 2.14 All-digital timing recovery for delta-sigma modulated oversam-
pled signals (> 64x): (a) interpolation and (b) decimation methods







Chapter 3
Double-Sampled Delta-Sigma
Modulators

One should distinguish between a clock rate /. and an effective sampling rate fi-Ina
single-sampling case, both are the same (f; = f.) while in a double-sampled modulator, the
effective sampling rate is twice the clock rate (fs = 2f.). The effective OSR (EOSR) is

defined as the ratio of the effective sampling rate to twice the signal bandwidth.
The double-sampling technique is an efficient way to increase the EOSR by 2ina AY

modulator without imposing extra requirements on the clock rate, op-amp settling time

and DC gain [Burm96], [Choi80]. For M®™-order lowpass or 2M*-order bandpass double-
sampled AX modulators, approximately (6M+3) dB of SNR improvement can be gained.

Double-sampling is also an efficient way for low power applications [Send97]. In a

CMOS AZX modulator, power consumption increases linearly with clock rate only up to a

critical rate, above which it increases quadratically [Malo95]. By using double-sampling,
we are allowed to reduce the clock rate by a factor of 2 for a power improvement between
2 and 4 yet keep the performance.

The achievable SNR, however, is severely limited by the capacitor mismatch of SC cir-
cuits [Hurs90] in a lowpass double-sampled A modulator. As will be shown, to mitigate
the mismatch errors, several methods have been proposed [Ribn91], [Hurs92], [Yang94],

[Than97], [Send97]. Their advantages and disadvantages are discussed in section 2.2. To

better understand the mechanism of the effect of mismatch, quantitative analysis is
required and has proven difficult [Hurs90] because of the complicated feedback structure.

We address these problems in [Yang94], [Yang96c] and this chapter. In Section 3.1,

quantitative analyses of the effects of gain mismatches and non-uniform sampling are
given. We identify that mismatch in the first feedback integrator dominates. In Section 3.2,

a novel double-sampled SC bilinear integrator is proposed and analyzed. In Section 33,
novel lowpass double-sampled SC A modulators which use the bilinear integrator in the
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[Hurs90]. It degrades the achievable SNR dramatically. A qualitative analysis of the effect
of gain mismatch has been addressed in [Hurs90]. To better understand the mechanism of

the mismatch effect, a quantitative analysis is necessary and was proven difficult [Hurs90].
In this section, quantitative analyses of mismatch and non-uniform sampling are given.

The analysis presented here is more difficult than that for a double-sampled SC filter

[Riji91] because quantization noise and input signals must be treated separately in a dou-
ble-sampled AX modulator.
3.1.1 Lowpass Delta-Sigma Modulators

Nonideal lowpass AZ modulators are first analyzed in this subsection and the results
will be extended to a bandpass case in the next subsection.
A. z-transform for two interleaved signals

Assume there are two discrete-time signals x, (i) and x, (i) ,i = 0, 1,2, ... sampled

ataclock rate f_ . A third signal is formed by interleaving x; and x, in such a way that

n-1 .
xl('z—),n is odd

x(n) =
xz(g), n is even

3.1)

The effective sampling rate for signal x is twice the clock rate fe- One can derive the

relation in the z-domain by using polyphase decomposition [Vaid93],

X@) =X, %2, 32)

where X (21/2) » X;(2) and X, (z) are the z-transforms of signals x, x; and x, with

joT,
respect to the clock rate f,. respectively. 7 = ejm ‘, where T, = 1/f. and o is the signal

. . . 172 jwT/2 .
frequency in radians. Note that notation z =¢ denotes the z-transform with

respect to the effective sampling rate f, = 2f.. Here the lower case and upper case are used
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to represent variables in the time and the z-domain, respectively. Thus in the z-domain, the

. ] 172 ) . )
interleaved signal X (z * ) , which operates at twice the clock rate, can be obtained from

the individual signals X 1 (2) and X, (2) as described in (3.2).

B. Gain Mismatch

A conventional first-order double-sampled SC AX modulator was described in Section
2.2 and is depicted again in Figure 3.1 for convenience. In the figure, y; and y, are outputs

sampled on ¢, and ¢, respectively. The positive and negative reference voltages are V,,
and V,,. In a practical implementation, capacitor mismatch between the two paths k,, /

k,, in Figure 3.1 is responsible for gain mismatch.

%
P
Vm
T 2
2 Tl 1 +
- — 1
x by 2 S 31:-_',: *2
2 k2 4 + v :
T T
4 = =
= 1
Vm
{«
V’P

Figure 3.1 A first-order double-sampled SC delta-sigma modulator

¢1_|

¢,

l"‘ll n | n+1 |

Figure 3.2 A non-overlapping sampling clock scheme
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In the following analyses, it is assumed that the only nonideality in the modulator is

gain mismatch. In Figure 3.1, the mismatched gains can be expressed as,
1
ky, = (I +§81),

1
ki, = (1‘5_81)’

where 8, represents the capacitor mismatch error. It is also assumed that two non-overlap-
ping clocks are used, which is shown in Figure 3.2. In double sampling, there are two sam-
ples in a clock cycle. Assume that phase 9, leads phase ¢, at clock instant n. This means
that the clock ¢, samples the signal before the clock ¢, does. As a result, the samples
obtained are x5(0), x;(0), x,(1), x1(1),..., xo(n), x1(n), etc. For the SC double-sampled mod-
ulator in Figure 3.1, the signals driving the comparators on phases ¢, and ¢,, in the z-

domain, can be written as,

-1
kj Xz +k12X2_k12Y1 +k, Y,

1-z" 1-7"

-~

vV, = , (3.3)

-1 -1 -1
kyXiz +kXoz kLYo +k Y,
v, = . - 2 (3.4)
1-z | 4

where subscripts | and 2 refer to the voltages being sampled on phases ¢, and ¢,, respec-

tively. X and Y are the input and output signals, respectively. Note that the independent

variable, z, was dropped from all the functions for convenience. Since 0, leads ¢, ata

given instant n, we have

Y, = V,+E,, (3.5

Y, = V,z +E,, (3.6)
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where E| and E, are the quantization noises created by the comparator on phases ¢, and
, respectively. The noises are assumed to be white [Hurs92]. By interleaving signals Y,

and Y, a new signal Y can be easily obtained by substituting (3.5) and (3.6) into (3.2),

_ _ I 1
Y=X+ (1~ E+3x7 7+ D)5, (3.7)

where

-172

Y = le Y?_’
-1/2
-1/72

Note that signals Y; and Y, operate at clock rate fc and the interleaved signal Y operates
at the effective sampling rate f;, = 2f,..

In (3.7), the first term is the desired signal. The second term is the error introduced by

the quantization noise and is first-order shaped. The last term is an extra error E,, intro-

duced by mismatch which is,

1 -1/2
E, =5%'?+D8, . (3.8)

The term is not noise-shaped. Similar analysis applies to the conventional second-order

double-sampled AX modulator depicted in Figure 3.3. The mismatched gains can be

expressed as,

1 1
kll = 5(1 +§81),
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1 1

e = 3(1-38,).
1 1

ky = §(I+§52),

1 1
ky = 5(1“552)’

where &, and 3, represent the capacitor mismatch errors. The factor 1/2 is a conventional

(8]
(]

gain scaling to reduce signal dynamic ranges for op-amps [Bose88]. The output in the

desired band can be obtained as (see Appendix A.1),

_ 21y, -
r=x"+a(1-7" E+ 3 &7+ 0TS, (3.9)

where U = U 12—1/2 — U, . U and U, are the second integrator inputs on phase ¢; and ¢,.

+
<

3|

g b | b ] ¥
o5

I :Vm

T

3

Figure 3.3 A second-order double-sampied SC delta-sigma modulator

In (3.9), the first term is the desired signal. The second term is the quantization noise

and is second-order shaped. The third term is an extra error E,,; introduced by mismatch
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in the first integrator which is,

X'+ 0 7's,. (3.10)

D=

Eml =
The last term in (3.9) is an extra error E,,,, introduced by mismatch in the second inte-

. -1/2 -1/2 I
grator, thatis, E,_, = (Uz +Y)(1-2 )8, which is first-order shaped. In an

oversampling system, (1 - z7V/2) is small and so the unshaped term E,,,; due to the first inte-
grator dominates. Improving SNR requires us to focus on the first integrator. This will be

discussed in Sections 3.2 and 3.3.

C. Interpretation

Note from (3.8) and (3.10) that the errors introduced by mismatch of the first integra-
tors in the first- and second-order A modulators are similar except for one more delay z!

in (3.10). The error introduced is proportional to the mismatch error d; and contains two
terms X and Y. Observing the result from two interleaved signals in (3.1) and (3.2), one
can interpret X = (X . z_l 2 X,) as the output of two time-interleaved discrete-time sig-

nals X, and -X, as shown in Figure 3.4(a).

Interleaving Interleaving
( 1 7-1 )
X1 *1— A
% x X
— S
Xyt —o X) ——e
(a) (b)

Figure 3.4 Mismatch is a mixing process

In the time-domain, % is used to denote X. Equivalently, ¥ can be seen as a process of

mixing two interleaved signals x, and x, clocked at f. (the input signal x at 2f.) with a peri-

odic sequence {1, -1, 1, -1,...}. This process is shown in Figure 3.4(b). Actually, the peri-
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odic sequence is a discrete cosine signal with its frequency fo. clocked at the effective
sampling rate 2f,. In the z-domain, X is the result of mixing the signal X with a carrier sig-
nal whose radian frequency is m. Similarly, ¥ is the result of mixing the signal ¥ with a
carrier signal whose radian frequency is .

The spectral translation from X to X is shown in Figure 3.5(a). It is noted that X is
shifted by 7 in frequency to the position which is higher than x. It tumns out that a foldover

image is obtained. As discussed in Chapter 2, the output ¥ contains both the input X and
the shaped quantization noise. The spectral translation from Yto ¥ is depicted in Figure

3.5(b). Note that quantization noise in ¥ is shaped by a high pass filter.

> A << 4 foldover
S 3 l\
] ; : 2>
; Desired signal Z .
(@ 2 / ;:> a :
E E :
-5 3 ]
2 & !
v Y » « 14 > w
T T
<
? f foldover

Desired signal

\
1/ Shaped noise

Spectral Density of Y

G
Spectral Density of Y

—> ®
T

Figure 3.5 Spectral translation due to mismatch
Observing (3.8) and (3.10), one can see that there are three basic errors introduced by

mismatch in the first integrator. They are:

(1) Signal error: This error is translated from the desired signal due to path mismatch.

1 1
It is contained in both 5X - &, and 5Y -8, . Path mismatch translates a small portion of the
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1
desired signal by an amount of about 581 to the location around n. The signal error shown

in Figure 3.6 will be filtered by the subsequent decimation filter and therefore is harmless.

(2) Interference aliasing error: Any interferer around 7 will be aliased to the desired

1
band, attenuated by 58, as depicted in Figure 3.6. Hence the antialiasing filter should be

designed to have sufficient attenuation around 7t in order to meet the required SNR. This is
in contrast to a single-sampling modulator. Before the signal at around =t is aliased to the

desired band, it is attenuated by 40 to 60 dB for 8; =0.1 ~ 1%. The cost for the antialiasing

filter should not be an issue since the wider transition band due to oversampling.

1
(3) Noise error: This error appears in the term 5Y- 81 . Path mismatch translates the

_— . 1 I
quantization noise energy around % by an amount of 581 to baseband, as shown in Figure

3.6. The in-band noise floor increases due to the noise error. Hence the achievable SNR is

limited. This is the most harmful term.

A

A

Spectral Density of Y

Destred signal Interferer

b4
Noise error

ﬁ Interference aliasing error

Signal error

Figure 3.6 Effects due to mismatch

In summary, mismatch creates images of noise and input signal. In a lowpass AY ADC,

the image of the quantization noise located at the clock rate f. degrades SNR, often limit-
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ing double-sampled ADC to 10-bit. The image of the signal is out of the band.

D. Non-Uniform Sampling
Non-uniform sampling occurs when an exact 50% duty cycle in a clock generated by a
clock generator can not be attained. We show in this section that non-uniform sampling

only create an image to the input signal and does not affect the SNR.

As shown in Figure 3.7, the falling edge of ¢, at instant n lags that of ¢, at instant

1 1 .
(n-1) by :2'(1 + o) T, and leads that of ¢, atinstant n by 5 (1-a) T, where T is the
clock period and a is the clock phase error relative to 7/2 caused by non-uniform sam-
pling. In Figure 3.1, the inputs to the comparators on phases ¢, and ¢,, in the z-domain,

can be written as,

-1 -
Xz +X,z Y +Y.z
vV, = — = - — (3.11)
1-z | 4
Xlz-lzm/2 +X,77 le-k +7,
V, = — —, (3.12)
1-z2 -z
where
+a/2 HawT /2 1 i |
z =e = cos iamTc * sin iamTc . (3.13)
1
5(l+a)T 3(l-a)T
o1 " | :
¢,
| n-1 | n | n+1 |

Figure 3.7 Non-uniform sampling clocks
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By substituting (3.11), (3.12) and (3.13) into (3.5) and (3.6), and then substituting the

results into (3.2), then we can obtain the output in the first-order modulator,

-1

1 -1 -1/2 Z . 1
Y = cos{ ;00T )z X+ (1-z )E+—1 —125in| 5007 |X. (3.14)
+z <

For the second-order AY modulator in Figure 3.3, the output in the desired band can be

obtained as (see Appendix A.1),

-3/2
1 - - 2 Z 1 -
Y= cos(iamT)z x4 (1-z l/2) E+ Wsin(iaoﬂ')X (3-15)
<

Notice from (3.14) and (3.15) that the error introduced by non-uniform sampling is dif-
ferent from that by gain mismatch. Non-uniform sampling only introduces signal error and
it does not affect the quantization noise. In a practical case o « 1, the signal error may
contains the following error terms:

* For the signal within the band of interest, @7 « 1 (due to oversampling),

1 1 I
cos(;amT) =1 and sin(iamT) = §a(oT. As explained in the previous subsec-

tion, the signal is translated to the location around Tt to create an error term. For a AS,
ADC, this error will be added to the quantization around 1t which will be filtered out
by a subsequent decimation and lowpass digital filter.

* Asexplained in the previous subsection, any signal around & will be attenuated and

aliased to the desired band. The attenuation is approximately,

-3/2
73/- 1

2 1
lwsm(zaaﬂ) =507 (3.16)
z 2

Hence the only concemn is the interferer located around m which degrades the SNR.
This can be mitigated by designing an antialiasing filter before the modulator. The filter
should be designed to have sufficient attenuation around 7 in order to meet the required

SNR. When the interferer around = is aliased to the desired band, it is attenuated by an
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amount defined in (3.16) which typically is 30 to 50 dB for ot = 0.1 ~ 1%. If we design a
16-bit AZ data converter, the antialiasing filter may need to provide 45 to 65 dB attenua-
tion at 1. The cost for the antialiasing filter should not be an issue because of the relaxed
filter transition band (oversampling).

To reduce the error introduced by non-uniform sampling, either a high EOSR or a clock
with a high precision 50% duty cycle should be used, as noted from (3.16). To achieve a
high-precision clock, one can first create a clock with twice the required frequency and

then use a frequency divider (by 2) to generate the required clock.

3.1.2 Bandpass Delta-Sigma Modulators

A bandpass AX. modulator can be obtained by applying a low-to-bandpass transforma-

-
-~

+a
2+ 1’ -l<a <1 [Nors97], to a lowpass counterpart. With this transforma-

tion of z > —z
tion, there is no change on the mixing effects caused by nonidealities, as can be seen from
(3.7), (3.9), (3.14) and (3.15).

It has been noted in a lowpass double-sampled AY modulator that path mismatch and
non-uniform sampling affect the signal and noise performance. In a lowpass case, the
effects are harmless to the signal assuming that the signal rolls off before & in mismatch
and non-uniform cases. Mismatch introduces extra noise in the band of interest. However,
this is not the case for a bandpass double-sampled AS modulator. The signal error and
noise error in such a modulator are analyzed as follows:

(1) Signal error: Assume that the desired signal is located at @;. From the analysis in
last section, it is known that mismatch translates the desired signal to a frequency of

®,=1-0, (3.17)

attenuated by around 9,. Hence the spurious signal produced by mismatch is an image of
the desired signal with respect to a radian frequency of /2, attenuated by an amount of 3,
as shown in Figure 3.8(a). Consider a bandpass AY. whose center frequency is one-fourth
of the effective sampling rate (that is, the radian center frequency ay = /2). The spurious

signal is an attenuated image of the desired signal with respect to the center frequency .
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There are two cases:

* For a narrowband receiver where the signal is centered at @y = 1/2 (double-sided

signal), the image will be folded to itself when the signal is downconverted to base-
band. The spectrum of the image is reversed. In this case, mismatch is harmless

since the image is 40 ~ 60 dBc with a typical mismatch error of 0.1 ~ 1 %.

 If the signal is not centered (@, #1/2) such as in a wideband receiver, any inter-
ferer located near @, will create an attenuated image near the desired signal fre-
quency @;. This error is often harmful since the interferer may be > 60 dBc for some

wireless standards such as TDMA IS-54 in North America.

> 'y

7 Desired signal

2 N

E /[‘ ﬁ Spurious signal

8 |20log;(8,/2) /

7]

(@) RU2 A
T —> o
0 2 n
T Shaped noise Noise error

¥
2010g10(81/2)

>V

/— . > w

) 15;2 (t-w,) T

(b)

Spectral Density

Figure 3.8 Errors generated by mismatch in a bandpass modulator: (a)
the signal error and (b) the noise error

(2) Noise error: Any noise energy around the frequency of 7 — ©, will be translated to
the band of interest centered at &y, where ay) is the center frequency of a bandpass AY
modulator. In general, a small portion of out-of-band noise energy at © — w, will be folded

into the band of interest and will degrade the SNR as shown in Figure 3.8(b). For a band-
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pass A% whose center frequency is one-fourth of the effective sampling rate (@, = /2), the
noise will be self-folded by an amount of §,/2, which is harmless.

3.2 A Novel Double-Sampling Technique

The double-sampled integrator used in the first stage of the feedback loop in Figure 3.1

and Figure 3.3 is a backward Euler integrator. This integrator has the drawback of intro-
ducing an error when there is capacitor mismatch. The error will directly contribute to the

modulator output, hence limiting the achievable SNR. The backward Euler integrator is
depicted in Figure 3.9(a), where y; and y, are the signals from the AS modulator output

through two DACs. Considering capacitor mismatch, we can express the two gains as,
1

1
I‘ESP

R
N}
]

1 .
where 58, represents the relative path mismatch error. The output can be obtained as,

1 1 Y'al
U= T -_l/2Y+§l 172" (3.18)

- < - <

Note that the second term is the error introduced by mismatch. The error can be mod-

1
eled as shown in Figure 3.9(b). As can be seen, the error 50,9 directly contributes to the

input of the integrator, hence introducing an error in the output spectrum of the double-

sampled A¥ modulator.

Note from (3.9) that the error introduced by mismatch in the second integrator is first-

order shaped. This means that any error presented to the input of the second integrator will

1
be first-order shaped. If the error 581 ¥ presented in the input of the first integrator can be
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moved to the output or, say, to the input of the second integrator, a first-order shaped error

will be obtained.

M

3,
)’2—{

1 1
L
kyy 2 1
, k » I — 1 'Y + 1 -3_1/2 —)U
)’1\74 N
2 2 1 o Yr
(a) (b)

Figure 3.9 A double-sampled backward Euler integrator
and its mismatch error model

A double-sampled bilinear integrator! shown in Figure 3.10(a) can be used to serve this
purpose. In the proposed double-sampled integrator, the feedback signal (y; or y,) is sent
to both paths. This is contrary to the backward Euler integrator where each path only pro-
cesses one feedback signal. As a result of the fact that both capacitors are used on both
phases, the error introduced by mismatch is partially cancelled. We will show that it is dif-
ferentiated. The differentiated error is then integrated. Hence, the error bypasses to the
output without being processed. The output of the double-sampled bilinear integrator can

be derived as,

142772
Us=-""57+575,. (3.19)
-z

1
The error model is depicted in Figure 3.10(b). Note that the error ;8[ Y introduced by

mismatch is output-referred.
Now we are in a position where we are able to construct a double-sampled AX modula-
tor to reduce the mismatch effect. The first backward Euler feedback integrator can be

replaced with the proposed bilinear integrator.

1. A single-sampled bilinear integrator was proposed in [Rahi78].
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Figure 3.10 A double-sampled bilinear integrator and its mismatch error model

3.3 Novel Double-Sampled Lowpass Delta-Sigma Modulators

The mismatch error in the novel double-sampled bilinear integrator is moved to the out-
put due to the differential operation. By using the bilinear integrator as the first feedback
integrator, novel double-sampled AY modulators which are insensitive to mismatch can be

obtained. We show in this section that the mismatch errors are first-order shaped.

3.3.1 First-Order Modulator

A novel first-order double-sampled AY modulator is shown in Figure 3.11 which is
obtained by replacing the feedback integrator with a bilinear integrator.

The error due to mismatch appears at the integrator output and hence is first-order
shaped when input-referred. In practice, the input path does not need a bilinear integrator

since the signal error around &t introduced by mismatch can be removed by digital filters.

The linear model for the modulator is shown in Figure 3.12. Note that the strobed com-
parator introduces a half-period delay in contrast to a full-delay in a single-sampling AX
modulator. This model is used to derive the coefficients in the modulator. The design goal
is to choose parameters in order for the signal and noise transfer functions to be low-pass

and high-pass types respectively, as described in Section 2.2. One of the choices for the

parameters is discussed in Appendix A.2, from where we have,
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1
k._, "8,°8 = 3 (3.20)

2
kl'g[ = §7 (3-21)

where g; and g, are the gains of the two-level comparator and two-level DAC respectively.
Gains g, and g, could be arbitrary due to the use of a one-bit quantizer. As a consequence,
coefficients k; and &, can be any values. This freedom allows us to optimize the modulator
as will be discussed in section 3.4. Often gain g) determines the quantization noise level
(rms value) [Arda87] and gain g, defines the dynamic range of the input signal x. A con-
ventional modulator would use equal gains k; = k,, but in our case the term (1 + z'*2) due
to the bilinear operation has a gain of 2 at DC. Therefore, 2k| = k, is often true. The gains

81 and g, are set to 1 for simplicity. Thus, k, = % and k, = %

Z_{Backward Euler Comparator >
Integrator -

Double-Sampled
Bilinear Integrator

DAC (e

Figure 3.11 A novel first-order double-sampled deita-sigma modulator
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Figure 3.12 A linear model for the novel first-order modulator
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(1
ka1 = 5( L+ '_752)

I 1
kyy, = 5(1—582).

where §; (i = 1, 2, 3) are the relative mismatch errors. The signal transfer function is a low-
pass type and therefore the modulator output Y in the desired band is approximately as,
1 g -1/2

-1 3 -1/2 |
Y=Xz +5(1-z )E+§Xz 81+ZZ (1-z ") Y-3,. (3.22)

The error introduced by mismatch is first-order shaped as can be seen from (3.22). Any

quantization noise or interferer around f. will be attenuated by mismatch error and also
first-order shaped before it is folded back to the desired band. Since mismatch 0, is0.1% ~
1% in a typical CMOS technology, the error introduced by mismatch is much smaller than

the first-order shaped quantization error. Hence, the error introduced by mismatch in the

proposed first-order double-sampled modulator is negligible.

B. DAC Reference Mismatch

It is to be noted that mismatch between two reference voltages Vrp and V__ in Figure

3.13 will not introduce a DC component in the output. Assurne,

V., = AV +V_ and

rp

Vrn = AVr_ Vr’
where
V -V
rp rn
V. = 5 (3.23)
V +V
AV, = = (3:24)

The common-mode voltage AV, is canceled due to double sampling. The effective ref-
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erence voltages are the differential-mode voltages V. and -V _. This allows us to use sin-

gle-ended references in a practical realization.

3.3.2 Second-Order Modulator

A novel second-order double-sampled AS modulator employing the proposed bilinear

integrator is depicted in Figure 3.14. The first feedback integrator is replaced since it is a
dominant contribution to SNR degradation.

The errors introduced by mismatches in integrators in Figure 3.14 appear at the output
of the first integrator and hence are first-order shaped in the output. As with the first-order
modulator, the input feedforward path does not need a bilinear integrator since the signal

error around 7t introduced by mismatch can be removed by digital filters.

Backward Eul Backward Euler
X — aIC;xte érag. tor er Integrator  [~*|Comparator

Double-Sampled
Bilinear Integrator DAC |«

Figure 3.14 A novel second-order double-sampled delta-sigma modulator
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Figure 3.15 A linear model for the novel second-order modulator

The linear model for the modulator is shown in Figure 3.15. This model is used to

derive the coefficients in the modulator. To achieve second-order shaping of quantization
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noise and a unity signal gain, the following should be satisfied (see Appendix A.3),
Skyky = k, (3.25)

k, = 2k,g, (3.26)

where k| . k,, k;, and k, are integrator gains. There are five unknowns in two equations.

In order to share the same circuit (capacitors and switches) for the two integrators in the

implementation, we can have ks = k,. From (3.25), ky, = % Since gains g; and g, can
be arbitrary, hence k; and k; can be any values. This freedom allows us to optimize the
modulator as will be discussed in section 3.4. Often gain g determines the quantization
noise level [Arda87] and gain g, defines the dynamic range of the input signal x. A con-

ventional modulator would use equal gains k; = k5, but in our case, the term (1 + 712y due
to the bilinear operation has a gain of 2 at DC. Therefore 2k; = k; is often true. The gains

2 5
g1 and g, are set to 1 for simplicity. Hence, k, = 5- Letk, = k, = g

A SC circuit for the double-sampled AY modulator can be obtained by replacing the
feedback integrator in Figure 3.3 by the bilinear integrator shown in Figure 3.10. The cir-
cuit is shown in Figure 3.16. The feedback and feedforward paths share the same second
integrator as shown in the figure. An important feature of the circuit is it inherent pipelined
mode. The input signals (x, vy1 and vy5) propagate towards the output in a pipelined way.

The principle of this pipelined structure is as follows: On phase ¢, capacitor k; takes
charge from input x. Capacitor ky, delivers charge to the first op-amp output and also to
charge capacitor k3. Capacitor ks, delivers charge to the second op-amp output which is
sent to the top comparator input. The top comparator starts to compare with a reference
based on the input. At the end of 0, or at the begin of ¢, , the output y, will be latched. In
the feedback, capacitor k,; discharges and capacitor &, takes charge from vy1 Which is
controlled by y;. Output y, is latched by the lower comparator on phase ¢, . On phase ¢,,

a similar operation is performed.
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Figure 3.16 A novel second-order SC double-sampled delta-sigma modulator

A. Gain Mismatch

To analyze the mismatch effect, we express the capacitor coefficients in Figure 3.13 as,

r4

(1+35,)
k”=5 l+§81 ,

s5( 1
kyy = 6( 1 ‘583)’

where §; (i= 1, 2, 3) are the relative mismatch errors. The signal transfer function is a low-
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pass type and therefore the modulator output Y in the desired band is approximately as,

5

Y=Xz""+301-"HE . (3.27)

1 32 1 -1/2 5 -1/2 -12
382 7T 8 47 Y (1= )8+ (U T (1-2 )8,

Note that first-order shaping is achieved for the error introduced by mismatch. Com-

pared to the conventional double-sampled version in (3.9), 6 dB per octave of rejection of

mismatch noise is gained in this novel second-order modulator. The mismatch error will

be further investigated in section 3.4, where the reduced mismatch requirements are given.

For typical OSR and mismatch error §;, the mismatch noise becomes negligible.

To get an idea of how well the bilinear integrator works, the second-order double-sam-
pled AX modulator shown in Figure 3.16 was simulated with Matlab [Matl92] and
SWITCAP2 [Suya92]. The power spectral comparison for conventional and novel double-
sampled A¥ modulators in shown in Figure 3.17. Here, the "conventional” double sam-

pling A% modulators are referred to those in Figure 3.1 and Figure 3.3.
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Figure 3.17 Spectral comparison between the conventional and novel
second-order double-sampled delta-sigma modulators, EOSR = 128

In the simulations, the EOSR is 128 and the mismatch error is 0.4 %. The input signal
is a f = 25.6 KHz sinusoid with an amplitude of -3.74 dB. The band of interest is 51.2

KHz. It can be seen that the noise floor for the novel one is much lower due to first-order
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shaping of mismatch, especially within the frequency band of interest. The difference can
be as small as 10 dB or as large as 40 dB at frequencies below 100 kHz. In the simulation,

a minimum 4-term window was used, which can achieve a minimum sidelobe as low as -

98.17 dB [Nutt94].

B. DAC Reference Mismatch

It is to be noted that mismatch between two reference voltages V p and V_ in Figure

3.16 will not introduce any offset. The mismatch is cancelled by the bilinear operation of

the integrator as discussed in last section.

C. Stability Consideration

Through simulations, it is found that the output signals of the two integrators have sig-

nal swings like those of the single-sampling second-order AY modulator [Hurs92]. They
are bounded to certain ranges. These ranges are determined by the capacitor ratios. The

input level to the second integrator can be adjusted by changing k3, and k3. The dynamic

range optimization is discussed in 3.5.

3.3.3 Higher-Order Modulators

Higher-order (> 2) AX modulators can be implemented either as single-loop [Lee87] or

cascaded [Long88], [Uchi88] structures. We focus on the cascaded cases where a second
order modulator is cascaded with a first- or a second-order modulator to create a third- or

fourth-order modulators respectively.

The first-stage second-order modulator will be the novel double-sampled AX modulator

shown in Figure 3.16. The second-stage modulator can be any conventional double-sam-

pled AX modulator since the mismatch effect is second-order shaped. A third-order dou-
ble-sampled AX modulator is depicted in Figure 3.18 where coefficients ki =04,k =0.2,
k3 =ky=5/6, ks =ke=0.5, k; = 1.45, kg = 0.35. A conventional first-order double-sampled
AX modulator is used to cascade with the novel second-order modulator. The SC circuit
for the third-order modulator can be easily obtained from Figure 3.18 and the expression

for the mismatch noise can be obtained from (3.7) and (3.27).
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(see Appendix A.3),

N, pnven =238 (EOSR) ™ %¢_ (3.28)

conven 3

where 6 is the capacitor mismatch error and €,ms 18 defined in (2.2). For the novel second-
order double-sampled AT modulator shown in Figure 3.14, the rms noise power N, in

the desired band aliased from the noise at f due to mismatch is (see Appendix A.3),

N,over =798 (EOSR) ™ %e, (3.29)

novel = s

The noise terms introduced by mismatch which are given in (3.28) and (3.29) degrade
the achievable SNR. The SNR degradation in the conventional and novel AT modulators
as a function of gain mismatch is shown Figure 3.19. In the simulation, the op-amp DC
gain is 60 dB and the EOSR is 128. The input signal is a f= 25.6 KHz sinusoid with a peak
amplitude of -6 dB. The band of interest is 51.2 KHz. In the figure, one can see the analyt-

ical results are in good agreement with the simulation results.
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Figure 3.19 SNR degradation versus mismatch error in second-order
delta-sigma modulators, EOSR = 128

As shown in the figure, the sensitivity to mismatch has been substantially reduced in

the novel modulator due to the first-order shaping of the mismatch error. For example,
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there is about 3 dB degradation in SNR with 1.5 % of mismatch error (i.e.,
log2(mismatch_error) = -6) in the novel structure in contrast to 30 dB SNR degradation in
the conventional one. With 0.4 % mismatch (i.e., log2(mismatch_error) = -8), the conven-
tional modulator loses 18 dB. This loss exceeds what we can gain from double-sampling
which is 15 dB.

Note that there is 6 dB SNR degradation for every doubling of the mismatch error in the
conventional version. In the novel structure, the noise in the desired band is dominated by
the second-order shaped quantization noise when the mismatch error is less than 1.5 %.
Beyond 1.5 %, the mismatch error begins to dominate the total output and the SNR
degrades 6 dB for every doubling of the mismatch error as can be seen from Figure 3.19.
The distance between two parallel lines is 31 dB. The distance in dB can be obtained from
dividing (3.28) by (3.29) as 20log 10 (EOSR) - 10.7 dB, which is the maximum SNR
improvement achievable in the novel modulator compared to the conventional version.

The slopes of the quantization noise power and the mismatch noise power are different.
There is a cross point for those two noise power curves. For an M®-order double-sampled
A% modulator, the slope of the quantization noise power is (6M + 3) dB/octave. The mis-
match noise power is first-order shaped and its slope is 9 dB/octave + 20log;o(d). When
EOSR increases, the mismatch noise power eventually will exceed the quantization noise
power at a cross point. The cross point is determined by the EOSR, the order of modulator
and the mismatch error.

To illustrate this, the quantization noise and the mismatch noise in the novel second-
order double-sampled modulator are plotted Figure 3.20, where the mismatch error is 1.5
%. The mismatch noise is from (3.29). As can be seen, the slopes for both errors are differ-
ent (15 dB/octave and 9 dB/octave for quantization noise and mismatch noise respec-
tively). At a lower EOSR, quantization noise dominates the total noise while mismatch

noise dominates at a higher EOSR. They are across at EOSR=128 (ie.,
log2 (EOSR) =7) as shown in the figure.
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Figure 3.21 3dB-mismatch versus the EOSR in novel double-
sampled delta-sigma modulators

3.5 Implementation of a Second-Order Double-Sampled Modulator

The main focus of this chapter is dealing with an architecture level solution to combat-

ing mismatch effects. To prove the idea from the circuit level, in a recent collaboration

with Ash Swaminathan [Swam97], an implementation of a second-order double sampling
A% modulator in 0.25 um SOI (silicon-on-insulator) technology has been submitted for
fabrication. All circuits are designed by Ash to work at a power supply of 0.9 volts. The
architecture is exactly the one shown in Figure 3.16. Circuit optimization to reduce non-
idealities [Nors97] has not been a major concern.

The technology we chose is quite aggressive. Due to the process complexity, the chip
fabrication has had several consecutive failures and we have been waiting for the chip for
more than one year. Hence, this section provides HSPICE simulations to verify the devel-

oped architecture and no test result is provided for further verification.

A. Optimization of Coefficients
There is a freedom to choose coefficients in double-sampled AY modulators. For the

first-order double-sampled AZ modulator, coefficients k; and k; can be any values due to
arbitrary gains of the one-bit quantizer. For the second-order double-sampled AX modula-

tor, there are five unknowns in two equations (3.25) and (3.26). Since & and g, can be
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arbitrary, hence &, ky, k3 and k4 can be any values.This freedom allows us to optimize the

A modulator in terms of the dynamic ranges of each integrator input, SNR, etc. By simu-

Wi

lation, we optimize the integrator output ranges. As a result, we obtain k, = £ and

1 . . . .
ky =k, = 3 With this choice, the outputs of the first and second integrators remains
bounded within ( Vip» V). The simulated distributions of the integrator output signs levels
are shown in Figure 3.22 where the horizontal axis is normalized to the DAC reference

level defined in (3.23). These coefficients can avoid integrator output clipping which may

introduce in-band noise.
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Figure 3.22 Integrator output level distributions

B. Circuit Design and Simulation

The design of circuits for a AX modulator has been well documented in chapters 7 and
11 of [Nors97] and in [Greg86]. The key components include the op-amp, comparator,
clock generator. Single-ended integrators are designed.

The transconductance op-amp used in the implementation is shown in Figure 3.23
[Park86]. The circuit is an inverter. The circuit is a cascode op-amp and has a high output
impedance. The biasl and bias2 are used to bias the cascode. The advantage of this circuit
is its simplicity and hence is suitable for low power applications. The open loop dc gain is

about 40 dB for this circuit.
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Figure 3.25 A clock generator

The effects of the circuit nonidealities in a general sense other than those discussed in
3.1 on the performance of a AT modulator have been discussed by many papers [Nors97],
[Bose88]. These nonidealities may include integrator nonidealities (leak, gain error, band-
width, slew rate), comparator hysteresis, nonlinearities, 1/f noise, clock jitter, etc. The
results also apply to the double-sampled case. Therefore, they are not discussed here.

The circuit level simulation of the designed double-sampled AX modulator has been
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simulated with HSPICE [HSPI91] and the output spectrum is plotted in Figure 3.26. In the
simulation, 4096 points were obtained. The clock rate is 50 MHz and hence the effective
sampling rate is 100 MHz. The fundamental signal frequency is 501 KHz. Therefore, the
EOSR is 100. The simulated SNR is about 81 dB. The estimated power is 1 mW at 50

MHz clock rate compared to a low power second-order AS modulator consuming 2.5 mW

at a 4 MHz clock rate [Rabi97]. The power saving is achieved by the combination of the

double-sampled technique and a low power SOI technique.
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Figure 3.26 Spectrum from HSPICE simulation

3.6 Summary

In this chapter, we have provided a simple practical solution to mitigate the mismatch
effect in lowpass double-sampled AT modulators. The novel modulators can be used in
digital baseband digitization receivers discussed in Chapter 2. We have shown that SNR
degradation is negligible compared to the improvement that can be obtained by double-
sampling. To better understand the mechanism of the capacitor mismatch effect on the per-
formance, we have conducted a quantitative analysis.

We have shown the mismatch in the first feedback integrator is a dominant contribution
to the error and it creates images of quantization noise and input signal. Non-uniform sam-
pling only create an image to the input signal and it does not affect quantization noise. In a

lowpass AZ ADC, the image of the quantization noise located at the clock rate f. degrades

SNR, often limiting double-sampled ADC to 10~12-bit resolutions. The image of the sig-
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nal is out of the band. In a bandpass modulator, the image of an interferer may be in the
band and may degrade the SNR.

We have developed new architectures for double-sampled lowpass AY modulators
where the first feedback backward Euler integrator is replaced by the novel bilinear inte-
grator. These double-sampled modulators are quite insensitive to gain mismatch since a
first-order shaped mismatch error is achieved. With the new architecture, we reduce the
SNR loss to less than 3 dB with a typical mismatch of 0.1 % ~ 0.5 %.

The higher order novel doubled-sampled A modulators need tighter mismatch require-
ments. We have provided design guidelines on the mismatch requirements for second,
third- and fourth-order modulators and have shown the mismatch causing 3-dB SNR loss
is achievable in a typical CMOS technology (the worst case is 0.25 % for a fourth-order
modulator with EOSR of 32). Therefore, the novel architectures make the double-sampled
A% modulation practical.

An implementation of a novel second-order double-sampled second-order AY modula-
tor for the low power application has been reported. The simulated SNR is 81 dB when
EOSR is 100 and the estimated power is ] mW at 50 MHz clock rate compared to a low

power second-order AX modulator consuming 2.5 mW at 4 MHz clock rate [Rabi97].
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Chapter 4
Design of Multi-Stage Polyphase
CIC Decimators

Decimators are key components in modern digital radio receivers. In a lowpass AY mod-
ulator based radio architecture, they are used to decimate the high speed stream. They are
also the major components to build DDCs for bandpass AX modulated signals. Basically
there are two requirements for such a circuit — low power and high speed.

Usually, the first decimation in a multi-stage decimation chain is a CIC decimator due
to its simplicity [Cand86], [Nors97]. However, the full-rate part of the CIC which often
consists of 3 or more accumulators with a typical width of 16~24 bits dominates power con-
sumption and limits clock rate. This is true for both low power A¥ decimation [Bran94] and
GHz-rate AZ decimation [Ga097], [Jens95]. As explained in section 2.3, multi-stage CIC
decimators do not help much in achieving low power and GHz-rate A decimation.

Another problem is the time misalignment which occurs when the bandpass AY modu-
lated signal is downconverted by a DDC at half the sampling rate [Saul90]. Time misalign-
ment creates sidebands at the output.

Until recently, no publications tried to address the above problems except for misalign-
ment [Rice82], [Rade84], [Pell92]. One reason, from the author’s view, is that there is pos-
sibly a lack of researchers who understand the power issues and are simultaneously familiar
with A¥ modulators, DSP and digital receivers.

A solution to the above problems is to combine multi-stage CIC decimators with
polyphase techniques. With the techniques, we can decompose the high-rate signal into
multi-phase signals which are processed at a much lower rate. There are many consider-
ations in designing such multi-stage polyphase CIC decimators. In this chapter, we provide
not only a solution to decimation for low power and GHz-rate AS modulators, but, more
importantly, a design method to a multi-stage polyphase CIC decimator.

This chapter is organized as follows. In Section 4.1, multi-stage polyphase architectures

for CIC decimators are derived. Design considerations are discussed in detail in Section
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4.2. The aliasing requirements are discussed to determine the order of the first CIC decima-

tor. A design scheme for polyphase components without employing multipliers and adders,

budget for word-length, design procedure, etc. are also detailed. In Section 4.3, decimation

for double-sampled and GHz-rate A modulators is discussed to demonstrate the advantag-

es of the multi-stage polyphase CIC decimators in low power and GHz-rate applications.

An implementation of a polyphase DDC is given in Section 4.4, which provides a concrete

example for design considerations. A summary is given in Section 4.5.

This chapter provides the following new contributions:

We show that the combination of multi-stage CIC decimators with polyphase tech-
niques is a solution to low power and GHz-rate decimation for AX modulators as
well as the removal of time-misalignment in DDCs.

Provide methods to determine the polyphase components to simplify them and meet
aliasing attenuation requirement, to design polyphase components without multipli-
ers and adders and save 2~3 bits, and to choose the word-length in multi-stage
polyphase CIC decimators.

Provide a design procedure for multi-stage polyphase CIC decimators.

A FPGA implementation of a multi-stage polyphase DDC at 100 MHz is detailed.
We show a 5x power saving can be made by using the new design compared to the

conventional multi-stage DDC.

4.1 Multi-Stage Polyphase Architectures

CIC decimators were reviewed in Section 2.3. There are some problems with this single-

phase architecture:

It is difficult to implement a CIC decimator for lower power or GHz-rate A modu-
lators because of its full-rate cascaded wide word-length accumulators.

There are multi-phase signals at the output of a paralle] delta-sigma modulator (e.g.,
double-sampled one).

Time misalignment exists in a DDC which consists just of a decimator.

A conventional decimation method using FIR or single CIC decimator is not a solution.

Although Chu in [Chu84] used multiple CIC decimators as a general rule to design filters,

the above two issues have not been addressed and resolved, as discussed in Section 2.3.
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We propose to combine polyphase techniques with multi-stage CIC decimators to ad-
dress these problems. However, there are two issues when we develop the polyphase archi-
tecture from Figure 2.9. Firstly, the CIC decimator is in neither a direct-form nor a
transpose direct-form structure, which is normally used to derive a polyphase architecture
[Croc83], [Vaid93]. Secondly, there is no method in the literature to design such a multi-
stage polyphase CIC decimator. The first issue is addressed below and the second issue will
be discussed in the next section.

Consider a multi-stage architecture consisting of two cascaded CIC decimators shown
in Figure 4.1 (a). The first and second decimators are Ni-stage and N-stage, respectively.
For generality, the numbers of stages of these two CIC decimators may be different. The
first and second decimation ratios are R, and R, respectively. The total downsampling ratio

Ris R = R|R,. The transfer functions for these two CIC decimators are:

-~ RUWI
H (z) = ( ”_IJ (4.1)
-2z
| -R2\N
H,(z)) = ( ) ) (4.2)
joT

where z = ¢, T= l/f;. Note that (4.1) - (4.2) are expressed with respect to the input sam-
pling rate f_ . With respect to sampling rate f s/ R, wedefine z, = 2! The whole transfer

function of these two decimators s,

[ -, RN l—zl—Rz N
H(z) =[ — l) (4.3)

Since the first decimator operates at the full sampling rate f_, it dominates the power
consumption and limits the circuit speed. A solution is to decompose the first CIC decima-
tor into a polyphase filter. It is not straightforward to decompose the first CIC decimator by
equation (4.1) because it is in neither a direct-form nor a transpose direct-form. To achieve

polyphase decomposition, equation (4.1) needs to be expanded as,

- _ - N1
H(z) = (1+2 l-*-...+z (RI l)) ) (4.4)
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Then by applying polyphase decomposition techniques [Vaid93] to (4.4), we can obtain
a polyphase form as,
RI-1
H(z) = 3 F ", (4.5)
i=0

where F, (le) »£=0,1,...R -1, are polyphase components which operate at 1/R; of
the input sampling rate, f¢/R| . The polyphase architecture for a CIC decimator is shown
in Figure 4.1 (b). The filter shown in the figure is called a multi-stage polyphase CIC dec-

imator since it is derived from two decimators.

1st N,-stage CIC decimator 2nd N-stage CIC decimator
vR _’ ¥R
%} (a) Two-stage decimator
l(_ H,(2) ),( Hy(z) ——),
""" R, Fo(z) (-
Y +R, F,(z) >

+ L)Y PofRe o -2 ]

[+R, Fri.4(2) >

Commutator

(b) Two-stage polyphase

Figure 4.1 Multi-stage polyphase architecture of a CIC decimator

Note that the multi-stage polyphase CIC decimator shown in Figure 4.1 (b) has the fol-
lowing features: (1) it accepts multi-phase input signals, and (2) it operates at a reduced rate
f/ R, except for the input interface commutator which may be implemented by a array of
D flip-flops as will be discussed in section 4.2.2.

There are four design parameters and they are R;, Ry, N| and N. Since the second CIC

decimator operates at a lower rate, there is no significant power issue in the choices of R,
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and N. The requirements on N; conflict for the complexity and aliasing attenuation. Other
design issues to be considered are simple implementation of polyphase components with-
out multipliers and even without adders, the maximum word-length required in each stage,
etc. We focus on N and R, in the following design considerations.

Note that the idea can also be applied to interpolation. The polyphase architecture of a
CIC interpolation filter can be derived similarly. A commutator is used in the output stage

to interleave polyphase signals to form a high-speed output.

4.2 Design Considerations

There are many considerations in designing a multi-stage polyphase decimator:

* One major concern in design is to determine the minimum number of stages Nj in
the first polyphase CIC decimator. The complexity of polyphase components is
determined by N as can be seen from (4.4) and a smaller N, is preferred. The noise
and interference rejection is determined by N; which favors a large N 1- A trade-off
should be made to compromise between these two.

* Another factor is the downsampling ratio R;. A large R; makes the polyphase com-
ponents complicated but reduces the clock rate of the circuits (and saves power).

* Simplification of the implementation of polyphase components reduces the word-
length in each stage and hence further reduces the power consumption.

* Budgeting the word-length in each stage is necessary to minimize the required
word-length and hence reduce the power consumption.

We discuss these issues in the following subsections, particularly bullets 1, 2 in Section

4.2.1, bullet 3 in Section 4.2.2, bullet 4 in Section 4.2.3. The design method is summarized

in Section 4.2 .4.

4.2.1 Aliasing Attenuation and Droop

Conventionally, it is recommended that Ny = M + 1, i.e., one greater than the modulator
order M [Cand86]. We show that N; can be reduced by 1 or 2 for many practical high speed
A modulators whose SNR is not quantization noise limited, hence reducing the complex-

ity of polyphase components and saving more power.
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A. Aliasing Attenuation
In designing a conventional CIC decimator like that shown in Figure 2.9, there are two

considerations when we determine the aliasing attenuation (or the number of stages V). One
is the presence of tone interferers that can alias in-band, located within a bandwidth 2fg of
multiples of f /R, where R the is downsampling ratio. Another is quantization noise in the
same bands. These two aliasing terms in the image bands will be folded and accumulated
into the baseband. They will cause SNR degradation.

Conventionally, the number of stages required in a CIC decimator are (M + 1), where M
is the order of a lowpass AY modulator [Cand86]. This guideline applies only for quantiza-
tion noise aliasing. For example, the ideal SNR for a second-order AY. modulator is about -
95 dB for OSR = 128. According to [Cand86], the required N is 3. This CIC decimator gives
about 50 dB attenuation before an interferer located at f/ R - f, folds into baseband. If, for
example, this interferer has the same amplitude as the signal, an interferer with -50 dBc ap-
pears at baseband. The SNR then is reduced to about 45 dB. To reduce the SNR degrada-
tion, we can either design an anti-aliasing filter having 45 dB attenuation at fs/R—f, or
increase N to a larger number such as N = 5. This is especially significant for radio appli-
cations where a number of interferers can be nearby.

The same principle can be applied in designing a multi-stage polyphase CIC decimator.
However, we have three parameters to optimize instead of one for a required downsampling
ratio R = Ry R,. These design parameters are R, Nj and N. Since the second CIC decimator
operates at a lower rate, we can afford to have a sufficiently large N. Hence, only R, and

N are considered here.

Tone Interference Rejection

As a general rule, the design target is to minimize N 1 to simplify polyphase components.
Ny is important in the polyphase CIC decimator design since it determines the aliasing at-
tenuation. The aliasing terms are located in the vicinity of multiples of f./ R, within a

bandwidth of 2f,. The minimum attenuation Aminisatf| = f/R, - f, whichis,

[ sin (R, 7tf, T) ]Nl
Amin =

R, sin (7f,D) (4.6)
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within the band of interest will fall into the desired band and will accumulate at baseband.
There is an extra noise power folded into the desired band by decimation.

Conventionally we require Ny = M + 1 in order to mitigate the impact of the aliased noise
[Cand86]. In designing a multi-stage polyphase CIC decimator, the complexity is deter-
mined by ;. Hence, a minimum N, is desirable. We will show that in a typical case, re-
ducing Ny to Ny = M has only a 6 dB penalty over the ideal case. This is often insignificant,
for example, when thermal noise limits are 10 dB above the ideal quantization limit.

For an M order lowpass AZ modulator, its noise density in the z-domain can be ex-

pressed, in general, as N (z) = Hg(z) E(z) , where
1. M
Hpe(z) =(1-z2 ) (4.8)

and E(z) is the quantization noise whose spectral density is defined in (2.3). This shaped
noise spreads over the oversampling frequency and has high energy at high frequencies.
With this modulator, the rms noise in the desired band as a function of modulator order M

is given approximately by [Cand92],

e 4.9

ms

- ( 1 )M+O.5
Po (M) = T 1\ OSK

Assume N} = M - d, where d is a positive integer. The conventional design takes d = -1.
The noise at the output of the first polyphase CIC decimator is
N
Ey;(2) = Hp(z) (H|(2) /R,") E(2) whichis,

_Rl

1 M-d d
-7 -
E;3(2) = ( R, ] (1-27) E(z) (4.10)

Note that E3(z) is the noise after being downsampled to f/R;. This is shown in Figure
4.3. The first term in (4.10) is,

R \M~d “1\M-d
1—z ' _ -z
R, - R,

which is approximately an (M - d)* order noise shaping function within the band of interest
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after being downsampled.
. 4
The second noise term in (4.10) is defined as E;(z) = (1-z2 l) E (z) which is d*-
order noise shaped. When it is downsampled, it becomes E 5(z). The high frequency energy

of this noise will be folded back to the Nyquist band when it is downsampled to f/R;. The

total noise power is!

I :  QaYy,
Power = J/ lEd1 (ej-n(f/f’)) df = d')., E () 4.11)
0 (d! -

where E(f) is the spectral density of the quantization noise defined in (2.3). Therefore, the

power spectral density at the lower rate f/R is approximately,

[(2d) 'R, £
Edz(f])ETE(fl) ,OSfl<2—Rl (4.12)
E« H(2)H|(z) »i<—H2(z) —H
En®@ Epn(z)) Ep(z1)

R]

Al ( D | Fua)

Figure 4.3 Decimation for the lowpass shaped noise

Since we choose N = (M + 1) in the second CIC decimator H»(2) due to its lower rate,
the noise power increase in the desired band is negligible [Cand86]. Hence, the noise power
increase is only introduced by the first polyphase decimator. The ms noise power P, in the
desired band at the output of a multi-stage polyphase CIC decimator is approximately,

[(2d) R,

P P, (M~ d) (4.13)

4

2% (f/1.) d . . d
1. IEdI (¢ ~)| = 2% (sin (Rf/£,)) E(P) .
where E(f) = e, /2/fs, 0<f<f/2.
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where 0! = 1.
Compared to the ideal achievable noise power defined in (4.9) for an M"-order lowpass

AZ modulator, the noise power increase in the desired band is.

P, (M) [(2d) 'R
2 J—ZOloglO(—IJ

P, (M—d) d! (4.14)

NoisePowerlnc = 2010g10(
Consider two special cases:

(1) d =0, the noise increase is 10log 10 (R)) dB.

(2) d = 1, the noise increase is 20log10(OSR) + 10log10(R)) - 6, dB.

Quantization Noise Rejection in Bandpass Case
As described in Section 2.2.1, a 2M%-order bandpass AX modulator can be obtained by

replacing z”! with -z from a lowpass counterpart. The noise transfer function is,

M

N

Hp(z) = (1+2 )

The noise notch of this bandpass modulator is located at fs/4 and therefore a sequence
{1,0,-1,0,...} can be used to downconvert the bandpass signal to lowpass where decimation
occurs. The noise transfer function at baseband is,

Hp(z) = (1 —z'Z)M (4.15)

The OSR is reduced by 2 compared to its lowpass counterpart in (4.8). That is, the re-
quired OSR doubles in the bandpass case if we need the same SNR performance.

The spectrum of the bandpass modulated signal is symmetrical with respect to f,/4. So
is the signal after being mixed down. Therefore the noise power in the desired band does
not increase even if we downsample the signal by 2 without filtering. This can be seen from
equation (4.15) which becomes Hg(z)) = (1 —zl-l) M, where z; = 2, after downsam-
pling by 2. The spectral density of the quantization noise doubles. As a result, the noise
power in the desired band remains the same.

When we choose N, equal to the modulator’s order P in the first decimator of the multi-
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stage polyphase decimator, the noise increase is 10log 10 (R,) - 3 dB. The SNR loss is 3

dB less in the bandpass case compared to that in the lowpass case.

Quantization Noise Rejection in Practical Cases

It is valuable to choose Ny = N - 1 = M since the polyphase components can be much
simpler (see Table 4.2 to compare N; = 2 and 3). For example, the complexity is reduced
by 2 when N decreases from N; = 3 to 2 for a typical R; = 4 or 8. As a result, the noise
power in the desired band increases by 6 and 9 dB (or, 3 and 6 dB) in a lowpass case (or, a
bandpass case) respectively, relative to the ideal AS modulator. In an actual implementation
of a AY modulator, however, the achievable SNR might be degraded due to circuit nonide-
alities (e.g., thermal noise, clock jitter, etc.) in comparison to the ideal SNR. This is espe-
cially true for a high speed modulator. For example, the reported SNR is 75 dB in a fourth-
order two-path bandpass AT modulator with the effective OSR 200 [Ong97]. The SNR deg-
radation is > 20 dB compared to the ideal case. In this case, we may not degrade the actual
achievable SNR when choosing Ny = M.

It seems that 4> 1 is not practical since it reduces the order of the noise shaping by 4.
However, we may operate well below the ideal SNR for a very high speed AX modulator
such as for those at GHz rates [Gao97]. In these cases, a lower order of polyphase CIC dec-

imator may be used.

B. Passband Droop
The droop of the first polyphase decimator can be expressed as,

sin (R, nf, T) JNI
(4.16)

Adroop = (Rlsin (v, T)

Figure 4.4 shows the droop at the cutoff frequency f, for different combinations of N,
and R;. Note that the droop is dependent of JOSR and slightly of N 1 and R,. Since JOSR in
the first polyphase filter is much larger than that in the second CIC decimator. the droop
introduced in the first polyphase is negligible in comparison with that in the second filter.
As an example, consider a system that needs over 70 dB of aliasing attenuation. One can
choose N, tobe 2 for /OSR 232 ortobe 3 for JOSR > 8 . The droops due to the polyphase

81



Chapter 4 : Design of Multi-Stage Polyphase CIC Decimators

filter are around -0.05 dB for both cases.

o
I

S
o
n
i

Droop (dB)

8 12 16 20 24 28 32
Intermediate OSR, IOSR

Figure 4.4 Droop at cutoff frequency versus /OSR

4.2.2 Polyphase Components and Commutators

To make the multi-stage polyphase CIC decimator attractive, simple design of
polyphase components is the key. So is the high speed commutator. We propose a scheme
to design the polyphase components, which can save 2~3 bits. This is extremely important

since this also reduces the subsequent CIC decimator by the same amount of bits.

A. Polyphase Components

It is important to remain multiplierless in a multi-stage polyphase CIC decimator as in
the original CIC decimator. The polyphase components are simple for cases where N< 3.
Table 4.2 lists polyphase components for N = 2 and 3 which are derived from (4.4) and
(4.5). In the tables, Ry =2, 4, and 8 are considered (note: R, can be any positive integer, not
necessarily a power of 2). The notation (cq. ¢}, --.) in the tables represents a polyphase
component (¢, + r:lz—l + ...). The polyphase components and the integrators in the second
CIC decimator operate at f,/R, which is much lower than the input rate f;. The design of
a multi-stage polyphase CIC decimator to meet a given specification is described later.

Note that the polyphase components in Table 4.2 are also suitable for an interpolator.
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Table 4.2 Polyphase components for Ny =2and N; =3

N, 2 3

R, 2 4 8 2 4 8
F,(2) (1, D (1, 3) (L,7) (1,3) | (1,12,3) | (1,42,21)
Fi(z) | G0 | 2.2) [ 2,6) | 3.1) | (3,12, 1) | (3,46,15)
F, (2) 3.1 | 353 (6,10,0) | (6,48, 10)
Fy(2) 4.0 | @9 (10,6,0) | (10,48, 6)
F,(2) (5, 3) (15, 46, 3)
Fs(2) (6, 2) (21,42, 1)
Fg(2) 7. n (28, 36, 0)
F,(2) (8,0) (36, 28, 0)

. -1
Note: (¢y €}5 ---) means that the component is (c0+clz +...).

A straightforward way to implement the polyphase components needs multpliers and
adders. This can be seen from the polyphase components listed in Table 4.2. It is well-
known that a filter’s coefficients can be represented efficiently by a Canonical Signed-Digit
(CSD) form [Lim83]. The CSD representation is a generic method to simplify hardware for
a filter design. A CSD code represents coefficients as sums and differences of several pow-
ers of two. Since power-of-two multiplications can be obtained almost for free in a dedicat-
ed circuit implementation, the use of a CSD representation results in a substantial reduction
in hardware complexity. As a result of CSD coding, a coefficient can be realized with a
small number of adders. The CSD implementation needs only adders. However, these
adders operate at the next highest rate in a polyphase CIC decimator after the commutator.
For example, as many as 6 adders (some of them are 8~bit) are needed to implement a
polyphase component (15, 46, 3). For a AZ modulated signal which is one or a few bit wide,

there is still room to simplify the implementation.
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A Proposed Implementation Scheme

When the bit-width of the AY modulated data stream is narrow, full adders are not nec-

essary because only a small number of different outputs are possible. For the (15, 46, 3)

case, only eight different values +64, +38, +34 and +28 can occur. A 3-bit ROM (read-only

memory), or an equivalent logic circuit can replace the adders.

Let the i polyphase component F(z) be,

-M

v e, 2 i=0, 1, .. (Ry-1)

Fi) = ¢ 1 iM,*

i

0

Hence, the output w;(n) of the i/ polyphase component can be expressed as,
w;(n) = c;py; (n) + chyi(n=1) + ...+ Cim,Yi (n-M,;)

where y;(n) is the output of the AT modulator.

Computation logic circuit

AZX modulated signal y(n)

Cig ,
s
C'l .
yin-1) +L - > :
3 TR e
7! c
M,
yin M —————— |

(4.17)

(4.18)

Figure 4.5 A polyphase component implemented by a computation logic circuit

Since the output of a AY modulator is either "1" representing +1 or "0" representing -1,

a computation logic circuit can be designed to implement the polyphase component as

shown in Figure 4.5. The inputs to the computation circuit are { yin), yn-1), ..., y{n-M;) }

and they are logical values (either "1" or "0"). Hence we save 1 bit compared to the 2-bit

2’s complement input in a conventional implementation. The output wn) is in 2’s comple-
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ment which is often required by the subsequent CIC decimator.

To design the computation circuit, a truth table may be required. The inputs are
€ioCi1...Cim and the output wy(n) which is represented in 2’s complement notation. As can be
seen from the polyphase components in Table 4.2, wi(n) are often even numbers. Thus,
wi(n) may be scaled to reduce the bit-width. As will be demonstrated in section 4.4, the bit-
width can be further reduced by 1~2 bits. This is important since it also reduces the required
bit-width in the subsequent CIC decimator, saving more power. A detailed design of
polyphase components is given in the design example described in Section 4.4.

In summary, the advantages of the implementation scheme are:

* It needs less bit-width, often 2~3 bits less. The "real” 1-bit input saves 1-bit in the

proposed design scheme and scaling of w(n) further reduces 1~2 bits. Reducing bit-

width in polyphase components reduces the required bit-width in the subsequent
adders for the combining of polyphase components and in the second CIC decimator
by 2~3 bits.

* No adders are needed and only a simple computation logic circuit is required for a

polyphase component. The simplicity will be demonstrated in a design example in

Section 4.4. The adders are required in combining polyphase components.

B. High Speed Commutators

Another important issue in designing a polyphase filter is to demultiplex the incoming
signal to multi-phase signals and align the signals in phase. These signals are then sent to
polyphase component. This is accomplished by a commutator which may be constructed
with D flip-flops controlled by appropriate clocks. This part is critical in terms of high
speed operation since it operates at a full-rate f,. Figure 4.6 shows a commutator which de-
multiplexes incoming signal into R;-phase signals. The output frequency f; is f/R, . Note
that the D flip-flops in the first column operate at the input rate. For a high-speed input rate
such as GHz-rate, they would typically require high speed CMOS dynamic devices
[West94] or silicon bipolar circuits [Stou93]. Although the sampling rate for the second
column is f /R, , the requirements such as setup time, hold time and delay are the same as
those defined in the first column. This is because the D flip-flops in the second column are

allowed a duration of 1/ to set up their output signals. The output signals are aligned in
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the second column of D flip-flops. These flip-flops are clocked at the same rate as the com-
parator in the AX modulator, and may have a similar circuit implementation. It should,
therefore, generally be possible to implement them in the same technology. It may be an

option to integrate the commutator into the AY chip.

...........................

Figure 4.6 A polyphase commutator

4.2.3 Word-Length Budget

The word-length budget is important in digital design and is to specify the minimum bit-
width in each stage without degrading the required SNR. Low power consumption is
achieved by minimizing the bit-width in each stage. The word-length growth and trunca-

tion/rounding are discussed.

A. Word-Length Growth

Assume that two's complement number representation is used. The maximum word

length growth Bp; at the output of the i™ phase signal in Figure 4.1 is

B,; = [log2 (F;(1)) |-k, = l—(Nl—l)log2(Rl)]—ks, (4.19)
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where/ = 1,2, ..., (R, - 1) andk;is the bit-width saving due to the proposed implemen-
tation scheme as discussed in section 4.2.2 and is often 2 or 3. The maximum output word-
length growth is therefore B, = = [N,log2 (R,) ]«,.

The growth of word length in the polyphase CIC decimator is shown in Figure 4.7. As-
sume the word-length of the input data is (B;, +1). The maximum word length at the first

polyphase filter output is (B, + 1) , where

B, = [Nlog2(R)) |-k, +B,, (4.20)
Ny, Ry N, R,
Polyphase CIC
Decimator] Decimator \
B, +1 Bp+l B, ,+1

Figure 4.7 Word-length growth in a polyphase CIC decimator

Since the first polyphase decimator output is the input of the second CIC decimator, the
maximum word length of the input data to the second CIC decimator is (B,,; + 1) . There-

fore, the maximum word length at the second CIC decimator outputis (B, ,+ 1) , where
B,, = [Nlog2(R,) |+B,,. (4.21)
Because R, = R/ R, the above expression can be written as,
B, ,= erong'I +B, - (erongl]—l'Nllongl']) -k . (4.22)
Note from (4.22) that the final maximum word length for a polyphase CIC decimator is
shorter than that of Hogenauer's by ([ Nlog,R, 1-[N,log,R, P+, bits. This is due to

both the two-stage architecture and the new scheme for implementing polyphase compo-

nents. For a typical case where Ny =2, N=3,R; =4 and ks = 2~3, we save 4~5 bits.
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B. Truncation and Rounding

Assume that the required output word length is B our 1 1 - Since the polyphase CIC dec-
imator consists of two cascaded CIC decimators, the word length at the output of the first
polyphase filter can be limited to B our T 1 bits without losing accuracy. The number of

lower bits discarded at the output of the first polyphase filter is,

{Bml-Bouz’ Bml>Bout
0. BmlSBou

4

After truncation or rounding, the word length of the input data to the second CIC deci-

mator becomes B, ,+1, where B, , = MIN (B B, ,.) - In general, B, <B,,- The

ml? 4

number of lower bits discarded at the output of the second polyphase filter is,

{BmZ—Boul’ Bm2>30ut
0. BmZSBout

In a CIC decimator, truncation or rounding may be used at each filter stage to reduce
register widths significantly. For truncation and rounding in each filter stage of the second
CIC decimator, see [Hoge81] for detail.

In a multi-stage polyphase interpolator, assume that the required output word length is
B,,. + 1. Truncation or rounding may be applied after the first CIC interpolator. The num-
ber of bits that can be discarded is,

B, + leong:,_'l—Bom.

4.2.4 Design Procedure Summary

The design procedure for the multi-stage polyphase CIC decimators shown in Figure 4.1

can be summarized as follows:

1- Partition the downsampling ratio between R) and R, for a known downsampling ratio R
such that R = R R;. The choice of R; (typically 4) is up to the designer. The consider-
ations may be the complexity of polyphase components and the operation speed of the

circuits.
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2- Determine N, to meet the required SNR. The considerations include the excess noise
(see eq.(4.14)) and interference (see Figure 4.2). The trade-off is the complexity of

polyphase components and aliasing attenuation. For detail, see Section 4.2.1.

3- Obtain polyphase components from Table 4.2 or derive them from equation (4.4). Syn-

4- Determine N for the second CIC decimator. It usually equals one plus the order of the

AX modulator. It may increase for a higher interferer. Refer to Section 4.2.1.

5- Budget the word-length in each stage according to Section 4.2.3.

4.3 Decimation for Two Delta-Sigma Modulators

Two typical applications of the proposed decimation for AZ modulators are considered
here. One demonstrates low power consumption for a double-sampled AY modulator, and

the other demonstrates the possibility of decimation for GHz-rate AS modulators.

A. Decimation for Double-Sampled A3 Modulators
A novel double sampling AY. modulator which can be used in baseband digitization re-

ceivers was described in Chapter 3. The technique can increase the effective oversampling
ratio by a factor of 2. This technique can be used to either increase the OSR or to reduce
the power consumption. To achieve these, it makes sense to operate the subsequent deci-
mator at the clock rate rather than at the effective sampling rate (twice the clock rate). The
outputs of a double sampling AY modulator are two-phase signals at the clock rate fe- With
the polyphase CIC decimator, the two-phase signals can be directly processed instead of as
one interleaved double-speed signal at 2f,. This is shown in Figure 4.8 with R| = 2.

For M| = 4 and 5 cases, the polyphase components are {Fy: (1, 6, 1), F;: (4,4, 0)} and
{Fo:(1,10,5), F}: (5,10, 1)} respectively. They are simple. The tone rejection can be made
sufficient by increasing N as seen from Figure 4.2.

The advantages are obvious: (1) lower power consumption or (2) relaxation of circuit

timing requirements.
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4.4 FPGA Implementation of a DDC at 100 MHz

In this section, a DDC at 100 MHz consisting of the mulu-stage polyphase CIC decima-
tor is implemented with an FPGA. The objectives are:

* to provide a concrete example of the design techniques proposed.

* to demonstrate the proposed solution for high speed operation with an FPGA.

* [0 compare power consumption between the multi-stage polyphase CIC and conven-

tional multi-stage CIC decimators.

4.4.1 System and Circuit Design

A. Architecture

A DDC employing a polyphase CIC decimator is designed to downconvert IF signals
coming out of a fourth-order bandpass A modulator, as depicted in Figure 4.9(a). The an-
alog input to the bandpass AY. modulator may be a QPSK IF signal with a center carrier fre-
quency frr =25 MHz. The sampling rate is 100 MHz and the symbol rate fo =195.3125
KHz. The bandwidth of this fourth-order bandpass AY modulator is 2f,,. The OSR is 128
which is defined as the ratio of the sampling rate to twice the symbol rate. The DDC con-
sists of one mixer and two decimators as shown in the dashed box of Figure 4.9 (b). Two
DDCs are needed for quadrature demodulation. Following the DDCs are halfband decima-
tors to further downsample to twice the symbol rate. The DDC operates at 100 MHz. With
a Xilinx 3000 series FPGA [XILINX], it is impossible to downsample the 100-MHz data
signal using a straightforward CIC decimator. The proposed multi-stage polyphase CIC
decimator is implemented here.

The detailed decimation procedure to downconvert the 100 MHz IF signal to baseband
1s shown in Figure 4.9 (b). Since the sampling rate is four times the [F frequency, the over-
sampled signal is translated to baseband by mixing with a simple sequence {1,0,-1,0,...} in
the / channel and {0,1,0,-1,...} in the Q channel. The digital signal is downsampled to a
sampling rate of 1.5625 MHz by a multi-stage polyphase CIC decimator. The final sam-
pling rate of 390.625 KHz is twice the symbol rate fsy=195.3125 KHz.
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Figure 4.9 A digital IF narrowband quadrature demodulation

B. Design Considerations

Since this FPGA cannot directly handle 100 MHz, a multi-stage polyphase CIC decima-
tor is used where R; = 8 is chosen to reduce the processing rate to 12.5 MHz. Since R = 64,
R; =8. The DDC block diagram for I and Q is shown in Figure 4.10. Note that the sequenc-
es {1,0,-1,0,...} and {0,1,0,-1...} are incorporated into polyphase components. The final

halfband lowpass decimators are not implemented.

CIC (> 2

From AY

C —»
modulator Cl I

— FE@ |

Figure 4.10 An DDC using a muliti-stage polyphase CIC decimator
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According to [Cand86], N = 3 is chosen in the second CIC decimator which makes the
aliasing noise contribution negligible. To simplify the polyphase components (and save
more power), we choose N , = 2. From Section 4.2.1, the SNR loss is 6 dB with respect
to the ideal SNR achievable by a fourth-order bandpass AY modulator. Since the OSR =
128, the ideal achievable SNR is about 86 dB. At the output of this DDC, the SNR in the
desired band is around 80 dB. This is suitable for a AY modulator which is thermal noise
limited to < 80 dB.

Since the signal at the output of the first polyphase CIC decimator is lowpass, the defi-
nition of IOSR is the ratio of the first downsampling rate f#/R, to twice the symbol rate 2y
IOSR is 20SR/R, for the bandpass case since OSR = f/(4f;y). Hence IOSR = 32. As can be
noted from Figure 4.2, the aliasing attenuation is slightly above 70 dB. The droop due to
the first polyphase filter is around -0.01 dB as can be seen in Figure 4.4.

C. Circuit Designs
The polyphase components in Figure 4.10 can be obtained from Table 4.2. When a AX

modulated signal is single-bit (either "1" or "0" in logic), a simple logic circuit can be used
to implement polyphase component as described in Section 4.2.2.
The polyphase components combined with the mixing signal (1 or -1) for both quadra-

ture and in-phase channels are as follows:

Q {-Fo()=-1-77  Fy(2) =3+ 577!, -Fy() = -5 - 37, Fez)=T7+z71}.
L {-Fi@)=-2-67",Fy(2) =4 +4z"!, -F5(z) = -6 - 27}, Fy(z) = 8).

The input signals to each adder in each polyphase component are gy and a;, where q; is
the current input and a; is the delayed input. The outputis byb,...b; ,i=3 or4, where b,
is the MSB. For a sample polyphase component -F, 0(2) =g+ ¢;z7}, where cop=-landc| =
-7, The truth table in Table 4.3 can be obtained.

Note that —~F" (z) is the intermediate result and —F 0 (2) 1s the scaled result. As stated
earlier, the scaling is used to further reduce the bit-width by 1 bit. In the first row, since the
input is 00 (O representing -1), the result is 8. So are the results for other cases. After scaling

by 0.5, we obtain the third column. The output in two’s complement is obtained in the
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fourth column. From Table 4.3, the Karnaugh maps can be derived for bo i bI . bz and b3 s

which are shown in Figure 4.11. The synthesized circuit is depicted in Figure 4.12.

Table 4.3 Truth table for -Fy(z)

aya, | -Fo(z) | —F, () —F,(z) in 2’s-Complement
o ’ bob,bb,s
00 8 4 0100
o1 6 -3 1101
10 6 3 0011
H 8 4 1100
alao 0 1 alao 0 1 alao o 1 alao .
0jojo of 1] o ol o 1 T ol
I 1 1 1] 1 1 1l olo T
o= by = ao+a by = aa, by = apa, +a,a

Figure 4.11 Karnaugh maps for -F2)

o

¢
-
i?
o
w

al ]
(a) -Fp(2)

Figure 4.12 Circuit of polyphase component

For polyphase components -F(z), i = 1, 4, 5, similar results can be obtained. The syn-

thesized circuits are shown in Appendix B. As can be seen, the circuits for polyphase com-
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ponents are quite simple for a one-bit AT modulated signal, requiring only 36 logic gates
in total. Note that 4-bit output is required for -Fy(2) ., F,(2), -F,(z) and F¢(2);and 3-
bit for —F, (2) , F;(2), ~-F;(z) and F, (z). Therefore, outputs I and Q require 6 and 5
bits respectively. Using a conventional method to implement the first decimator, the out-
puts (I and Q) require 8 bits. Hence, we save 2~3 bits.

After adding two groups of polyphase components shown in Figure 4.10, the word-
lengths for the I and Q paths at the outputs of polyphase decimators are 5 and 6 bits respec-
tively.The minimum word-length in the integrators of the second CIC decimator without
incurring any distortion is 15 bits!. For a 80 dB performance, a 14-bit accumulator (ACO)
is sufficient. The 14-bit ACC works at 12.5 MHz and hence a pipelined structure is used.

The detailed circuits are shown in Appendix B.

D. FPGA Chip
The digital downconversion circuits are implemented on a Xilinx XC3159A [XILINX].

The XC3100A is a performance-optimized relative of the XC3000 and XC3000A families.
Some features are:

* 50 ~ 80 MHz system clock rates,

* 190 to 325 MHz guaranteed flip-flop toggle rates, and

* 1.75to 4.1 ns logic delays.

The FPGA schematic diagram is shown in Appendix B.2. The circuit block diagram is
shown in Figure 4.13, where a multiplexer is used to swap between I and Q channels, con-
trolled by signal SELECT. This arrangement is made so as to share a 3-stage CIC decimator
between the / and Q channels and makes a one-chip solution possible. D flip-flops before
the multiplexer are used to pipeline the results from two consecutive additions. All circuits
up to the accumulator ACC are clocked by an input clock CLK of 12.5 MHz.

I.log2(R,") +B, +1 = log2(8%) +6+1 = 15.
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4
“Fo (2 CLK — SLWCLK
5 Divider by §|———»

D -

Q  Multiplexer

ACC D DIFF [~

! @CLK € @SLWCLK

cax 1 L1 L_IT 1

Data x - X ‘x
stwerk |

Figure 4.13 FPGA architecture for a polyphase DDC

E. Power Consumption Comparison

For comparison, a conventional DDC architecture is shown in Figure 4.14. In this archi-
tecture, two cascaded CIC decimators are used. The first is a two-stage CIC decimator with
a decimation ratio of 8 and the second is a three-stage with a decimation ratio of 8. The
transfer function is exactly the same as the polyphase one. However, this multi-stage im-
plementation needs two more bits than the proposed scheme (see Figure 4.13) and two 8-
bit accumulators operating at the full input rate (100 MHz).

The number of gates used in the FPGA implementation is shown in Table 4.4. The esti-
mated power dissipation is also listed in the table. The estimation is based on [Baza97] for
3.3-V power supply in a 0.5 um CMOS technology and 50% switching activity. The gate
counts and power dissipation estimation in Figure 4.14 are also listed in Table 4.4. One can
see that the total gate count in the polyphase architecture is two thirds of that in the conven-
tional architecture. The power dissipation in the polyphase architecture is about one fifth of
that in the conventional architecture. Note that pipelined architectures are used in the first
CIC decimator and the ACC of the second CIC decimator.

These power savings are obtained even without using lower power supplies on the low-

speed circuits, a technique which would further exploit the reductions in clock rate to save
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power [Chan95]. If the device delay is considered, the polyphase architecture is advanta-
geous since the main circuits operate at a much lower rate (12.5 MHz). The only circuits
operating at 100 MHz are D flip-flops implementing the commutator. The conventional ar-
chitecture needs two 8-bit 100 MHz accumulators. The polyphase architecture allow a low-
er power supply. If this factor is counted, the polyphase architecture can achieve even lower

power dissipation than that listed in the table.

1.0.-1.0 Two-stage CIC

.........................

0.1.0.-1 Two-stage CIC

Figure 4.14 A conventional DDC architecture

Table 4.4 Gate counts and power estimation in DDCs

Operation Polyphase DDC architecture Conventional DDC architecture

frequency

(MHz) Estimated power Estimated power
#s of gates | dissipation (mW) | #sofgates | dissipation (mW)

100 8 04 316 15.8

12.5 636 4 852 53

1.5625 308 0.2 352 03

Total 952 4.6 1520 214

4.4.2 Test Results

The chip has been tested. The test setup is described in Appendix B.2. Two results were

measured and they are reported as follows:
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SNR Test

The data is generated using a fourth-order bandpass AY modulator simulated in SPW. A
tone signal at f/4 is used to test the SNR and hence the data is a repeated sequence {1, O, -
1,0...}. The tone level is 6 dB down from full scale and the calculated SNR of the bandpass
modulated data in the desired band is 86.4 dB.

The data at the output of this chip is captured and analyzed. The measured SNR in the
desired band is 80.1 dB which implies 6.3 dB degradation compared to 6 dB from analysis
in 4.2.1. Since we did not implement two half-band filters and the data is taken from the

output of the multi-stage polyphase, the SNR in the whole band is measured and it is 56 dB.

Eyve Diagram

(a) Waveforms (b) Eye diagrams

Figure 4.15 The measured /and Q signals at the outputs of the DDC chip:
(a) the /and Q waveforms, and (b) their eye diagrams

The measured eye diagrams are plotted in Figure 4.15 (a) and (b), respectively. Note that
they are normalized to the maximum samples. Since the output rate of the DDC is eight
times the symbol rate, the time resolution is good enough to do the timing phase recovery.

One can see from Figure 4.15(b), the "eye opening” defined as the distance from the

threshold (which is zero) to the closest trace at the sampling instant is at its widest. This is
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because the SNR is quite high (56 dB).

4.5 Summary

This chapter not only has demonstrated a solution to decimation for low power and
GHz-rate AX modulators, but, more importantly, provided a design method for multi-stage
polyphase CIC decimators in these applications.

Designing decimators for low power and GHz-rate AY modulators is difficult since the
full-rate cascaded integrators typically have 16~24 bits. We have provided a solution to this
problem by combining multi-stage decimators and polyphase techniques.

We have shown how to simplify design by reducing the number of stages in the first
polyphase CIC decimator from (M + 1) to M, where M is the AY modulator order. This
saves log(R;) bits, where R, is the first downsampling ratio. In a high speed AY modulator,
its achievable SNR may be limited by thermal noise, clock Jitter, etc. The SNR loss is in-
significant with respect to the actual SNR achievable by a high speed modulator. We have
also shown how to save word-length further by 2~3 bits by a new design scheme for
polyphase components, and how to determine the required word-length in each stage.

We have also shown two important special cases. The multi-stage polyphase CIC deci-
mators can be used with double-sampled AT modulators to achieve low power in baseband
digitization receivers. They also can be used for low power or high speed applications in
IF digitization receivers. The polyphase architecture makes GHz-rate decimation practical
by reducing the peak rate at which adders need to clock and the word-length of the fast
accurnulators.

We demonstrated the proposed design principle by implementing a DDC at 100 MHz in
an FPGA for high speed operation. We have shown a power reduction by a factor of 4~5
compared to a conventional multi-stage CIC decimator. The measured output SNR is 56 dB
(80.1 dB in the desired band) and the eye opening has a negligible loss.

These power savings are obtained even without using lower power supplies on the low-
speed circuits, a technique which would further exploit the reductions in clock rate to save
power [Chan95]. Lowering the power supply, the speed of circuits are reduced. Only multi-
stage polyphase CIC decimators provide this trade-off.
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proposed in Section 5.3 to eliminate the spurious transient signals. Performance analyses

including jitter and SNR bound introduced by interferer mixing with Jitter are provided in

Section 5.4. Simulation and experiment results are given in Section 5.5. An FPGA imple-

mentation of the proposed symbol timing recovery for a BPSK modulated signal is

described in Section 5.6. Summary of this chapter is provided in Section 5.7.

This chapter provides the following new contributions:

* We propose a scheme to move the re-timing function into a modified decimator in
an oversampled receiver.

* We show that simply shifting this clock phase is not a solution since it produces
large "glitches"” at the output. The glitches settle out after N samples, where N is the
stages in CIC decimator. We eliminate them by using a proposed dual-differentiator
timing phase adjustable CIC decimator.

* We have shown a good fit between theory and simulation. We show that the perfor-

mance of this technique is determined by the transmitter and receiver clock rate dif-

1
ference o and OSR: (a) for a small ot < T0SR’ the rms timing jitter is dominated by

OSR and its slope is -3 dB per octave of OSR. The slope of SNR bound is -3 dB per

4
octave of & or 3 dB per octave of OSR. (b) for a large a > 7OSR* the rms timing jit-

ter and SNR bound are dominated by the frequency difference o and their slopes are
3 dB and 6 dB per octave of o respectively.

* One experiment demonstrates that the method works in the presence of alternate
interferer and in conjunction with carrier recovery. The SNR bound is within 1.5 dB
of consistency with the estimate.

* An FPGA chip for symbol timing recovery is designed and implemented. The stabil-
ity of the technique is proved. The eye opening has been measured and it contributes

to an Eb/No degradation bound of about 0.75 dB.

5.1 Principle of Timing Adjustment by Decimating Oversampled Signals

In an interpolation method, an interpolator is used to estimate samples between existing

samples and it is implemented by a fractional delay filter [Laak96]. This method is suit-
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Another way is to use an adjustable-delay decimator with a fixed re-sampling clock. In
this method, the signal is re-sampled at a fixed re-sampling clock and the re-sampling
phase is adjusted by changing the signal path delay. The signal path delay is adjusted
instead of the re-sampling clock directly being changed.

In both methods, the finest timing phase which can be adjusted is one sampling period
T = 1/f; and the maximum delay needed to be adjusted is one symbol period. The first
method of adjusting re-sampling clock is considered here and a preliminary study of the
second is given in Appendix D.The model decimator used to study the timing adjustment
is as follows: The AY modulator is followed by decimation. The decimation can be split
into three stages [Cand86]. A modified CIC decimator is used to re-sample the signal and

also downconvert the incoming sampling rate to the first clock rate f1 which is eight times
the symbol rate fs,- Following the decimator is a halfband decimator [Good77] which fur-
ther downconverts the clock rate by 2 to a clock rate f2- Then a data filter may be used to

shape the received signal pulse in order to satisfy the ISI-free condition [Skla88] and also

downconvert the clock rate to a clock rate f3- The final clock rate f; is twice the symbol
rate and may be used in subsequent fractionally-spaced equalizers [Lee90].

For signals with excess bandwidth factor B, the sampling rate must exceed (1 + BYT,,.
A sampling rate of 2/T, sy is theoretically sufficient for any signal with B < 1. OSRs for low-

pass and bandpass cases are defined as follows,

2 j SR v

Note that the relation between the clock period T and symbol rate T, is different for
these two modulators. To unify the definition, we use

T

T = 770Sk c8

in the discussion throughout this thesis.Therefore, for a given SNR, the bandpass can

operate at half the OSR. Note that the finest timing phase adjustment is better than 1% of
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denoted as R(m), where m =0, 1, 2,... denotes the m'" sample at the lower rate f; as shown

in Figure 5.2. The re-sampling process with a variable downconversion factor R IS non-
t =] (=]

uniform re-sampling. The timing diagram for such a process is depicted in Figure 5.3.

Assuming f is a constant (or a slowly time-varying variable which can be treated as a con-
stant for several consecutive symbol intervals), one can establish the relation between the
re-sampling rate fi(m) and the incoming sampling rate f; as f,(m) = f./R(m) . This

relation can be rewritten in terms of their respective sampling intervals as.

T,(m) =R(m)T, (5.9

where T, (m) = 1/f, (m) is the re-sampling interval. Hence the timing phase can be

advanced or retarded by adjusting R(m) and the finest timing phase that can be adjusted is
T Note that R(m) is time-varying with an average value R that tracks drift between local

and transmitted clocks. Equation (5.9) should be seen as an instantaneous relation for

these two rates.

A. A Timing Recovery Loop

Figure 5.4 shows a block diagram for timing recovery loop that incorporates the above
technique. Note that only one path is shown for the sake of simplicity and the diagram can
easily be extended to the quadrature case. Also shown in the figure are the clock rate rela-
tionships among all blocks, which are in agreement with those discussed in Section 5.1.

Note that the timing recovery loop shown in the figure is basically a Phase-Locked
Loop (PLL). It represents one of many architectures and is used only to illustrate the pro-
posed decimation technique for timing recovery.

The principle of the operation is as follows. The timing error detector is a timing phase
detector which calculates the timing phase error. The halfband and data filters are low pass
filtering. The controller is a NCO which is used to re-sample the oversampled input signal.
The timing-phase adjustable decimator is a re-sampler since its input is highly oversam-
pled and its output operates at a much lower rate. This re-sampler behaves much like an

"ADC" with a controlled sampling clock in the mixed analog and digital re-timing method
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shown in Figure 2.12(b). Thus, the proposed timing recovery loop resembles that in Figure
2.12(b). However, this "ADC" accepts a highly oversampled digital signal. The difference

is that the ADC in Figure 2.12(b) is replaced by an adjustable-timing-phase decimator.
Hence, the proposed method is all-digital.

fi =8, Yoy f3=2f
f;- * 1 sy * f‘) f.s'y 3 S5y
Input Py Tl Output
_p" Az . azyy >IN (1-z"" |—+{Halfband |-+ Data Filter i >
Modulation| : : k)
T 1 ¢ic
>l =9 -
fi(m) = fim) =2 Sfi(m)
=fJ/R(m)
JR(m )
NCO sm | ———
iming Error
fi ﬁ*fContioller Loop Filter » Detector :_'
yo(k)
T th -0
°Qpe From Q path

Figure 5.4 Block diagram of symbol timing recovery using an adjust-
able-timing-phase CIC decimator

Note that the proposed method is independent of the timing error detection algorithm.

There are several timing error detection algorithms. Two representatives are the one-sam-
ple-per-symbol [Muel76] and the two-sample-per-symbol [Gard86] algorithms [Cowl194].

Here, we use the second one. The timing error signal e (k) at instant k is written as,

1
e (k) = y,(k—i)(y,(k)-y,(k-m +yQ(k—§)(yQ(k) ~ypk=1)), (5.10)

where yy and yg are the outputs of the / and Q channels, respectively. Note that yrand yg
are clocked at twice the symbol rate and ey(k) is at the symbol rate. This algorithm is also
suitable for M-ary modulation including BPSK. The algorithm used here is good for
detecting data signals with alternating 0’s and 1’s. If a proper loop filter is used for this

algorithm, it also works well with random data signals.

The loop filter works at the symbol rate and outputs a smoothed timing error in each
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symbol interval. The controller, clocked at the oversampling rate f,, adjusts the timing

phase by changing the downconversion factor R. This may be implemented by controlling
a variable counter.

Assume that the average downconversion factor R is close to an integer constant Ry.
There are basically two ways to adjust the timing phase:

1) One-sampling-interval adjustment: The method is to advance or retard one sampling

interval T_ at one time. This can be realized by reducing or increasing the downconver-

sion factor by 1. Therefore a variable divider with ratios counter (Ro—1)7Ry/ (Ry+ 1)

can be used, driven by a very simple controller.

2) Multi-sampling-interval adjustment: The controller calculates exactly how many
sampling intervals it needs to advance or retard in order to minimize the timing error. This
may require changing the downconversion factor by a step greater than 1, that is,
R(m) = R,+ &, where § is an integer.

Note that T, and T are determined separately by the transmitter and local clocks,
respectively. The goal of using an adjustable-timing-phase CIC decimator is to track drift
between local and transmitter clocks. Therefore R(m) should keep being adjusted to track

the drift with an average value equal to,

e
<

R == (5.11)

00
N

There are eight samples at the output of CIC decimator within one symbol. Therefore,

one simple way to adjust the timing phase is shown in Figure 5.5, where the timing phase
adjustment occurs at the last sample of the eight CIC output samples in a symbol. Note
that the average f4 is equal to the symbol rate. In other word, the timing phase of f; is
adjusted just before a new symbol sample is created. In this way we can simplify the con-
troller by avoiding multiple adjustments in one symbol interval. The timing phase adjust-

ment is 87 in one symbol interval, where the integer § is defined as,
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J> 0. advance
5 = < 0, retard . (5.12)
l= 0, retain
R,T or
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Figure 5.5 Timing diagram in the timing phase adjustment

B. Delays in the Timing Recovery Loop
The timing recovery loop in Figure 5.4 is a feedback loop, and delays in the loop affect

its stability [Lee90]. The total loop delay is the sum of delays in the loop components.
These components include N cascaded differentiators in the CIC decimator, the halfband
filter, data filter and those introduced by the timing error detector, loop filter and control-
ler. Since the clock in the loop is changed slightly due to timing phase adjustment, the loop
delay varies slightly. Since the feedback delays introduced by the timing error detector,
loop filter and controller are dependent on the algorithms, the average total forward delay

is considered and can be derived below. The worst case is very similar.

1N
The transfer function of the cascaded differentiators is (1-2 l) , of which the aver-
age delay is E[NT /2] , where T is a variable. Assume that the halfband and data filters

are FIR linear filters with M, » and N, taps, respectively. The average delays introduced by

these two filters are E| (N,-1) T,/2} and E[ (N,-1)T,/2], respectively. Using

1
E[T,] = gTsy » We can approximately obtain the average total forward delay as,
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D= (N, +2N)T,/16. (5.13)

The dominant delays will be the halfband and data filter since they operate at relatively

low rates. In practice, the first term in (5.13) introduces about 1 symbol interval delay, and
the second has a delay of 2 ~ 3 symbol intervals. The total forward delay would therefore

be around 3 ~ 4 symbol intervals.

C. Design of Timing Recovery Loop

Two parameters important for the loop design are the sensitivities of the error detector
and the NCO. A variable counter often implements the NCO.

For tracking analysis, the error detector sensitivity is the slope of the detector around
zero. It depends on the timing error detection algorithm. The sensitivity can be obtained

by analyzing the s-curves of the error detection algorithms. The sensitivities for that in

(5.10) are different for a 101010... data and a random input data [Erup93].

Changing the input to the NCO by J, the timing phase is adjusted by 8T for every sym-
bol. The re-sampling clock is changed by T,,/(20SR) and hence the sensitivity of the NCO
is 1/(2OSR).

The loop can be designed and analyzed using classical PLL theory [Gard79]. The loop
filter is often a first-order lead-lag filter. Two coefficients of this filter are determined by
the required loop bandwidth and the damping factor. The loop bandwidth is determined by

the natural frequency and damping factor. The impact of loop delay on the stability has

been discussed in [Lee90]. In general, the loop delay should be much less than the inverse

of the transmitter and receiver clock difference. Detailed considerations are outside the

scope of the thesis and please see [Gard79].

5.3 Practical Adjustable-Timing-Phase Decimators for Timing Recovery

A severe problem occurs by simply shifting the re-sampling clock in the CIC decima-
tor. After timing adjustment, the N registers in the cascaded differentiators of Figure 5.2
need NT) periods to "forget" the values with the old timing phase. During these periods,
the CIC decimator goes to a transient state where "glitches” (or spurious transient signals)

appear at the CIC decimator output. These glitches can be seen in the simulation result
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shown in Figure 5.6. They are harmful to timing error detection.

A simple explanation for glitches is that we are making a timing change at the input to

an NP-order differentiator (in Figure 5.2), which is very sensitive to small timing changes

at the output of cascaded lossless integrators.

W\N\hw A

1
Sampies (n)

T L o 4 4|

N S

Figure 5.6 Spurious transient signal created by clock adjustment

5.3.1 Spurious Transient Signals Created by Timing Phase Adjustment
To better understand the spurious transient signals, we conduct the following analysis.

We show that the glitches last for N samples at rate J1 whenever there is a timing phase
adjustment, where N is the numbers of stages in the CIC decimator.
In Figure 5.2, the output y(z,,) of the N-stage CIC decimator at time instant !, can be

written as,

N

Y = D ey ), (5.14)
k=0

where index m denotes the mth sample of the CIC decimator output at ime instant z,,,
¢, ’s are the coefficients in the impulse response of the N-cascaded differentiators and
Yn (2, _,) is the input sample of the first differentiator at time instant t, _- For the case

where the timing phase is adjusted by 87 at time instant Imo as shown in Figure 5.7, we

have R (m0) = R, + &. Therefore,
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> cixy(tm + (1= KOR,T), 1<0

7

Y ¢ty by + (U= OOR,T, +5T) (5.19)

Y(Eput ) =150
+ 2 cxy(tma + U=K)R,T), 0<I<N
k={+1

N

Y oy (bt + (1= KR, T +6T), 2N
\ k=0

Note that the CIC decimator outputs y (tmo +1) » 0=I< N, calculated from (5.19) con-

tains spurious transient samples. As can be seen from (5.19), the samples before and after

the timing adjustment coexist in the differentiators for 0 < /< N. This is due to the N-sam-

ple propagation delay in the N cascaded differentiators.

The ideal output sample for 0 <[ < N should be,

(L) = chxN(t L+ U-KT+87),0<I<N. (5.20)

Therefore, spurious transient error signals can be obtained by substracting (5.19) from

(5.20). These transient error signals are Ay (tm°+,) = y(t -y’ (tmo+ P.0<I<N,

m0+l)

and they can be expressed as,

N
Ay (tp o) = X clxy(z, _+ (I-k)R,T),0<I<N, (5.21)
k=1+1
where
Axp (1) = xpy(8) —xy (£+87) . (5.22)

Two observations can be obtained from (5.21) and (5.22):

(1) The error introduced by nonuniform re-sampling spans N samples (clocked at f;)
starting from the beginning of the timing phase adjustment.

(2) For a lowpass FIR filter, the error given in (5.21) is small since the difference
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tor. Waveforms at the outputs of channel 0, channel 1 and the multiplexer are shown in
Figure 5.10, together with the multiplexer control signal Ctrl. From the figure, one can see
the spurious transient signals (in channel 0 and channel 1) introduced by the timing adjust-
ment and the 2-sample span for the spurious signals. The spurious transient signals are
removed and a very clean signal is obtained at the output of the multiplexer.

Re-timing causes phase jitter, which can mix large interferers in-band. We will analyze

this in the following section.

30 35 40 45 50 55 60 65 70 75 80

MUX Output

30 35 40 45 50 55 60 65 70 75 80
Samples (n)

Figure 5.10 Simulated waveforms

5.4 Performance Analysis

The finite timing resolution of the dual-differentiator CIC decimator can degrade bit-
error (BER) in two distinct ways: by causing the slicer to miss the widest eye opening, or

by reciprocal mixing in which nearby interferers are brought in-band by phase noise of re-
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timing. We estimate the magnitude of these two effects in this section.

For typical oversampling ratios, we might have a resolution T = T,,/64 which would

have negligible loss due to mis-timing the eye [Fran81] for a modulation scheme like

QPSK. In this type of system, where errors as large as +7,/8 are tolerable, even a fairly

simple interpolator will suffice, and so our hardware savings are small. For high-order

QAM, however, our system offers the fine resolution needed for good performance at a

much lower cost than interpolation (see Section 2.4). We will derive the mean and vari-

ance of the timing jitter introduced by our method which can be used along with a system

error budget and the analyses of [Fran81] to design a system.

For the case of reciprocal mixing, we derive a general formula that limits SNR degra-
dation as a function of OSR, frequency error, channel separation and interferer strength.
We show a good fit between theory and simulation, and present curves that can be used for
system design in the specific practical case of an alternate-channel interferer.

Our method saves more when the required timing resolution increases. The SNR bound
due to reciprocal mixing can be reduced by using analog or digital prefiltering in the inter-

polation method while analog prefiltering is required in our method.

5.4.1 Mean and Variance of Timing Jitter
Timing jitter is introduced when local timing is not synchronized with received symbol
timing (i.e., transmitter timing). The difference between the transmitter and recejver tim-

ing, relative to the receiver timing, is defined as,

IT -7, y'
T

sy

o= (5.24)

where T, and T,y are the transmitter and receiver symbol periods respectively. Ideally,
they are the same. In reality, they are different since they use different clocks and the
receiver timing can drift from the transmitter timing. In the proposed timing adjustment
method, the timing is adjusted in the CIC decimator.

The normalized timing error is defined as,
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T, (n) =1t (n)

e (n) = T - (5.25)

sy

where t(n) and t,(n) are the actual and estimated delays at time instant nT), respectively.

To simplify the analysis, we consider a case where the receiver rate is higher than the
transmitter rate and the receiver timing needs to be advanced. Results for the slow-
receiver case are also presented. In the analysis, we assume ideal timing error detection.
Since the timing resolution is 7, we adjust timing when the error exceeds +772. We only
make timing decision once per symbol.

Figure 5.11 plots the accumulated timing error against time. Since the receiver clock
rate is slightly higher than the transmitter clock, the timing phase error keeps growing
(from a to b in Figure 5.11). When this timing error, as detected by the timing error detec-
tor, reaches the threshold 772 (at point b), a timing phase adjustment hT;, = 8T is made.
Note that the minimum & is 1. The timing error is reduced after the adjustment (at point c).
Since we adjust the timing phase only once per symbol, the timing error may exceed the
threshold until it is adjusted at the end of the symbol!. This is shown in Figure 5.11 in the
segment from ¢ to d where sample phase #6 reaches the threshold but drift continue until
the next sample phase #0. Therefore, the maximum timing error e, may be greater than
T72 and the minimum e.,,;,, may be less than -772. This overshoot is only significant when
the receiver and transmitter clocks differ substantially. The curve of the timing phase error
is a saw-tooth as shown in the figure. The phase error is a quasi-periodic signal due to

overshoot. The average period T, can be written approximately as,

T, g
200SR’ * <3703k
T, = N (5.26)
T, 0> 355R

The closer the transmitter clock to the receiver clock rate, the longer the period. If both

clocks are the same, the timing error becomes constant (only a phase shift).

1. It could in theory interpolate timing estimation and adjust during symbol. Hard-
ware both for the controller and decimator would be more complex.

117



Chapter 5 : Symbol Timing Recovery via Decimating Oversampled Signals

C -T/2 e
a /...-- .............. 1 CvminT sy I‘; "l

Figure 5.11 Saw-tooth timing phase error

For this fast-receiver case, we cannot "undershoot” and the minimum residual timing

error is expressed as,

1
T,, = 5T, (5.27)

e‘tmin sy

which is half the oversampling period.

The maximum timing error occurs at sample phase #7, and includes overshoot. The

maximurm error is,

7 1
e T = (gaTsy + 57‘), where a#0. (5.28)

tmax” sy

Since T . = 2-OSR-T, eypi, and e,,,, can be written as,

1

€tmin = “40SR (5.29)
7a 1
€tmax = (? * 4OSR) (5.30)

We estimate the mean of timing jitter as follows. The saw-tooth phase timing error

oscillates between (e, ., €rmax) With its mean value changing slightly. For a small

the overshoot above 7/2 is negligible and hence the timing error distribution is

2
*«“TOSR’
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uniform between(772, -T/2). For a larger a, it is pessimistic to approximate the distribution
as uniform between (€gmin' €xmax) SiDCE the distribution densities between (772, €1rmax)
and (-772, eq,;,) are less than that between (-772, 172). Therefore, we can use the uniform

distribution to estimate the timing jitter bound conservatively.

The normalized mean m_ of the timing jitter is approximately,

;
m = & (5.31)

Since the timing error is quasi-periodic, we can integrate the energy in the discrete

tones to obtain the variance. The timing phase adjustment hT;, needs to be known. In the
proposed scheme, hT, must be an integer multiple 8T of the oversampling period and has

the following bounds,

7
T< hTSy <T+ gaTw (5.32)
Therefore, we have following bounds for A,

1 L7 )
205R="=3psg * 8 (5.33)

) 1
Note that for small enough o, hT,y = T,thatis h = 3O0SR"

The normalized variance of the timing jitter can be derived! and it is approximately,

1. For a periodic saw-tooth timing phase error signal, the Fourier transform is

X(H) = Z rkS(f—Tﬁ) where,
k = —oo P
(=D)'n

ro=0andr, = = yk#0.

Therefore, the variance of the timing error signal is

= 2 7 2
2 h | h
power=22rk=? = =13
k=1 nk:lk
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1
ol = Tk’ (5.34)

T

There are two other cases: where the receiver rate is higher than the transmitter rate in
case II and where the relative rates between receiver and transmitter vary in the range (-

Onaxr Olmay) in case ITI. The mean and variance values of the timing jitter for these three

cases are listed in Table 5.1. Note that case I1I is closer to reality.

Table 5.1 Mean and variance values of timing jitter

Case €min €omax me C. Note

I 1 (7(1 1 ) Ta 1 5 T >T
~30SR 8 Y3I0sR 16 12k sy = Lisy

II (70: 1 ) ] Ta 1 > T <T
% *705% 305k “T6 2k sy = Lusy

i1 (7m”mx 1 ) (7(1”"" ) ) 0 1.2 The relative rates of
T8 *3I0sR 8 T30Sk 127 receiver and transmit-

ter vary

The timing error is a2 measurement of how far the sampling is from the optimal point.

One way to look at the resulting performance degradation is to use a so-called total energy

.. 2, 2 .
of jitter, o + m_ [Lee90], [Kim97].
To confirm these estimates, simulations have been done for timing jitter performance of
.. . . 2 .
the proposed timing recovery scheme in Case I. The variance G, versus  as a function of

OSR is shown in Figure 5.12 and total energy (G- + m_ ) in Figure 5.13. The upper bound

on k of (5.33) is used in the formula of Table 5.1. Note that &>+ m? is a few dB higher

2
than o
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Figure 5.13 (Variance + mean”2) versus alpha as a function of OSR

The following observations can be obtained from Table 5.1, equation (5.33), Figure
5.12 and Figure 5.13:

* The mean value of timing jitter introduced by the proposed timing adjustment

scheme is proportional to o for case I and II and independent of OSR. In other

words, systematic timing bias comes from overshoot. The mean is zero in case II1.
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1
* Forasmall a< TOSR’ both 0'3 and (Gf + mi) are dominated by the oversampling

resolution error or OSR. Decreasing the timing resolution by 2 by decreasing OSR

by 2 will quadruple both Gi and (03 + mi )- In the case, the extra timing error intro-

duced by the clock difference a is negligible.
4
* Foralarge a0 > TOSR" both 0":' and (cs:' + mj:' ) are dominated by the transmitter and

receiver clock rate difference . Doubling o will quadruple both Gi and (0'12: + m: )-

4
e For 7OSR <a< TOSR’ where neither term dominates, the analytical value is pes-

simistic due to a pessimistic estimate of A.

5.4.2 SNR Bound due to Tone interferer

We have looked at the mean and variance of jitter as they could affect the slicer in a
digital radio modem. It is also desirable to reject a tone interferer with digital filtering. [n a
narrowband receiver, this can result in cost reduction for the IF SAW filter. We show that
the jitter will introduce phase noise (spurs) by mixing with the tone interferer. The spurs
can easily limit the achieved SNR of the desired signal since this tone signal is sometimes
up to 80 dB above the desired signal.

To characterize the SNR lower bound, we assume the tone interferer is a sinusoidal sig-
nal. This tone signal may represent the alternate channel signal in a TDMA system or an
AMPS signal in the CDMA system. The tone interferer at the output of the dual-differenti-

ator adjustable-timing-phase decimator, considering the timing emor e.(n), can be

described as,

y(n) = Asin [21fy (nT, + e.(n) Tsy) ], (5.35)

where A is the amplitude of the interferer, fo< m 1s the offset frequency of the tone

interferer from the desired signal and T} = RT. Due to oversampling, 2ntf,T e (n) «O0.
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Equation (5.35) can be rewritten approximately as,

y(n) =Asin (21fyT\n) + 24T/, T, e (n) - cos (2mf, T,n) (5.36)

The second term is the noise introduced by mixing the interferer with the uming jitter,

which is unwanted.
The timing error e((n) in Figure 5.11 is almost a sawtooth with average period 7,. The
timing error e.(n) is only quasi-periodic due to overshoot, but we can use a pure sawtooth

for analysis. The sawtooth has a line spectrum, while the true quasi-periodic signal has a
continuous spectrum with peaks around the lines of the sawtooth model. The sawtooth
model estimates integrated energy of each peak.

The Fourier transform of the sawtooth model of e-(n) 1s discrete and its lines have

amplitude (see the footnote of page 119),

0,k =0
Ir = { h (5.37)

%,Imo

Hence, the noise introduced by this timing jitter model is spurs with discrete spectral
lines mixed with the interferer, is depicted in Figure 5.14. We also can see the mixing

effect from (5.36). Note that the skirt extends all the way from the interferer to the desired
band. It is also aliased repeatedly by being sampled at fi-

Amplitude

A Tone interferer

. . Spur skirt ir
Desired signal \ ak

i e o A A L et

0 fo fo-kp  f Frequency

Figure 5.14 Phase noise of a tone interferer due to timing adjustment
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Spurs in the desired band degrade SNR. To estimate SNR degradation, we need to

know the total spur power of e (n) in the desired band. We can calculate the total spur

power of e.(n) by integrating elements in (5.37) which fall into the desired band. Assume
the bandwidth of interest is equal to fs- The spur power of timing error e.(n) in the desired

band is then approximately,

K

N=2 3 ) (5.38)
k=K,

where spurs numbered from X to K> fall in the signal band (O, fsv) and the factor of 2
accounts for the interferer image at -fo- The two limits in (5.38) are defined as,

K, =[(fo-£,)T,]. and

Ky = '_f OTP_I'
where | x | represents the largest integer value not larger than x. Substituting (5.37) into

(5.38) results in,

t9

=2
n
>
(183
~
I >~
AR
xL -
2

(5.39)

&)
a

Assume that the power of the tone interferer is A; dB higher than the desired signal. We
define an SNR lower bound as the desired signal power to the spur power. The SNR bound
in dB can be obtained from (5.36) and (5.39) as,

SNR

limit —

22 2
-A~10log 10 (4T T, N,) . (5.40)

In the actual case, h = ﬁ for small a. Substituting this into (5.39) and then the

result into (5.40), the SNR bound in dB can be written as,
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SNR,p1na = ZOlogIOL FC(K,. Ky) J—Ai, (5.41)
X 2
K. .
K
where C (K, K,) = |2 D, -
k:K,k

Note that SNR degradation is a function of OSR, frequency error o, channel separation
Jo and interferer strength A;.

In wireless communications, we are often concerned with alternate-channel interferers

1
for which f,, = 2f, . For a < 30-OSR’ C(Ky, K») is approximately !,

(1 1
= —_——— 2
C(K,K,) =2 LKI Kz) (5.42)

The achievable SNR bound was simulated to verify the estimate provided in (5.41) and
the results are shown in Figure 5.15 and Figure 5.16.

The simulation conditions are as follows. The tone interferer is located at 2f;, which
models an alternate-channel interferer. The desired and tone interferers are of equal ampli-
tude, that is, A; = 0 dBc: correcting for a practical A; 1s straightforward addition (equation
(5.41)) A second-order lowpass delta-sigma modulator and a 3-stage dual-differentiator
CIC decimator are used.

The SNR bound for OSR = 256 versus « is shown in Figure 5.15. Note that the esti-
mated SNR bound is slightly worse (< 5dB) than the simulated values when the frequency

1. When K, > K| > 10, we have approximately,

K:
1 1 1
2 5= g-x)
2 K, K
k:K,k 1 fa2

where K|= (f, )T, =

1
Therefore o < ZO—m

1
200SR°
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. . 4
difference « is larger than 7OSR’ the estimate is conservative when overshoot is signifi-

cant.
A comparison of estimated SNR bounds versus o for OSR = 64, 128, 256, 512 and

1024 is shown in Figure 5.16. Note that the SNR bound is a function of two varables:
OSR and 0. Some observations and explanations from studying (5.41), Figure 5.15 and
Figure 5.16 are:

1
* Forasmall o< 7O0SR: Increasing a by 2 will decrease the SNR bound by 3dB and

therefore the slope is -3 dB/Octave. The reason is that increasing a by 2 will: (a)

1
decrease Tp by 2 for o < SOSR in (5.26), (b) hence reduce X 1 and K in (5.38) by 2.

* For asmall a< ﬁ: Every doubling of OSR will improve the SNR bound by 3
dB and hence the slope is 3 dB/Octave. When OSR is doubled, fs 1s doubled and 6
dB is gained in (5.41). This 6 dB is offset by losing 3 dB since T, is reduced by 2 in
(5.26).

4
¢ For alarge o > TOSR’ the SNR bound is dominated by the frequency difference c.

Every doubling of a will degrade the SNR bound by 6 dB and hence the slope is 6
dB/QOctave. In this case, Tp = Tsv and h=70/8. The SNR versus o has a "comer”

which is log2 (o) =-9.

P
A =755k

We summarize the above observations as follows:

1
* Forasmall o < TOSR" the slope of SNR bound is -3 dB per octave of o or 3 dB per

octave of OSR.

4
* For alarge a0 > JOSR - the slope of SNR bound is dominated by the frequency dif-

ference a.. The slope is 6 dB per octave of a.
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Figure 5.15 SNR versus alpha for OSR = 256. A 0 dBc tone located at
alternate channel
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Figure 5.16 SNR versus alpha as a function of OSR. A 0 dBc tone
located at aiternate channel

Note that Figure 5.15 and Figure 5.16 are useful when we design a receiver. To achieve

a required SNR at the detector, OSR and a should be considered together with the tone
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rejection filtering requirement. This is considered in the next subsection.

5.4.3 System Design Considerations

There are many considerations in estimating performance degradation. Timing jitter
and tone-introduced noise are determined by several important parameters o, OSR, and
the number of stages of the CIC decimators.

With crystal oscillators, very stable and accurate clocks can be generated. In general the

frequency offset between the far end transmitter and local receiver clocks is small, typi-
cally with « less than 0.02% (i.e., log2 () = —-12) [Haou87]. With OSR = 256, we have

the following estimates for timing jitter and SNR:

21572

From Figure 5.13, the rms timing jitter is about 2~ = 0.006 . With this rms timing

jitter, the contribution to Eb/No degradation is insignificant for BPSK/QPSK. From
[Skla88], the Eb/No degradation for the BPSK signal in additive white Gaussian noise is
less than 0.5 dB when the rms timing jitter is 3%. Every doubling of OSR improve ms jit-
ter by a factor of 2 for a small c.

From Figure 5.15, the SNR with a 0 dBc interferer is 58 dB. This receiver would toler-
ate an interferer at +46 dBc while maintaining a 12 dB SNR reliable detection. Every dou-
bling of OSR improves the SNR by 3 dB. In system design, interferer rejection is partition
between digital components and analog IF filters (e.g., SAW filters) preceding the delta-

sigima modulator.

5.5 Simulation and Experiment

The purpose of this section is twofold:
* to verify the validity of the proposed method by simulation in ideal conditions.
* to verify the performance of the technique when there is an alternate channel inter-

ferer (+35 dBc) using real data collected from a real system including of a bandpass

AZ chip.

A. Simulation Results

In the following SPW simulation [SPW], ideal channel conditions are assumed, that is,
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there is no fading and no additive white Gaussian noise. The performance of the timing
loop is evaluated. As discussed in the previous sections, the performance of the proposed
timing recovery circuit depends on several factors: adjustable-timing-phase decimator, the
timing error detector, loop filter, loop delay, etc.

In the simulation, the timing error detector is from equation (5.10) and the loop filter is
a first-order lead-lag filter (see equation (C.1) in Appendix C).

The transmit IF signal data is generated by the structure shown in Figure 5.17, where
each block is implemented as a function in SPW. In the figure, a QPSK source generates a
pair of I and Q data at a rate of fsy» sampled at 4f,- The I and Q signals go to a pair of root
raised cosine (RRC) pulse shaping filters clocked at 4f;,- The rolloff factor of the RRC fil-

ters is 0.5. Then a pair of timing-drift filters is used to simulate the tming drift between a

transmitter and a receiver. After being interpolated by a factor of R; =128, the I and Q sig-
nals at 512f;, are mixed with quadrature LO signals. Interpolation is necessary to simulate
an analog signal. The carrier frequency of the LO signals is 128f,,, which is 1/4 sampling
rate. The IF signal is obtained by adding 7 and Q signals.

cos
I — , v
Puls'e Tmng Interpolation I
OPSK Shaping * Drift by R,
QPSK
Source ~ - - — IF Signal
se iming terpolation
S = i1
o Shaping Drift [ 7] by R; 0
sin

Figure 5.17 A block diagram for generating an IF QPSK signal in SPW

The IF signal from the transmitter is sent to a receiver similar to that shown in Figure

5.8 where the lowpass AZ modulator is replaced by a bandpass version. A 4th-order band-
pass AZ modulation is used, where the OSR is 256. The sequences of {1,0,-1,0,...} and
{0,1,0,-1.... }are used as the cosine and sine LO signals, respectively, to translate the band-
pass IF signal to baseband. A 3-stage dual-differentiator adjustable-timing-phase CIC dec-

129



Chapter 5 : Symbol Timing Recovery via Decimating Oversampled Signals

imator is used to perform timing recovery.
Two cases are tested here:
* Case I: the QPSK data is a training sequence with alternating 1’s and 0O’s, that is,
{(1,1), (0,0), (1,1), (0,0....}.

e Case II: the QPSK data is random.

The phase shift error and frequency drift error are simulated for each case. The initial
phase shift is approximately a quarter of a symbol period and the local clock frequency is
0 =0.1% fast relative to the transmitter sampling rate.

The simulation results are plotted in Figure 5.18 for case I and Figure 5.19 for case II.
The timing error signals e,’s from (5.10) are shown in Figure 5.18 and Figure 5.19, mea-
sured at the loop filter output and normalized to the maximum output values of y5 and y,.
The thresholds for the timing error signals used in the controller to advance or retard the
timing is 0.05 and 0.2 in case I and case II respectively. Due to some delays introduced in
creating the transmitter signal and demodulating the received signal, the actual output and
timing error start from around 100T as can be noted in the figures.

The constellation scatter plots are shown in the figures where the data were taken start-
ing from 400T. The clean scatter plots in the figure are due to the ideal channel conditions
used in the simulation. The constellations points are slightly large which are due to the fol-
lowing nonideal conditions:

* The loop delay is about 3 symbol intervals. This delay causes extra timing adjust-

ment and hence introduces larger timing jitter.

* The bandwidth of loop filter is not optimized.

* Gardner’s timing error detection algorithm is susceptible to inter-symbol interfer-

ence (ISI) for the mid-points y/(k-1/2) and Yo(k-1/2) in (5.10) when the rolloff factor
is not equal to 1.
This simulation demonstrates that the dual-differentiator timing adjustment techniques

operates properly in a timing recovery loop.
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Figure 5.18 Timing error signals (left) and scatter plots (right) for train-
ing sequence: (a) phase shift and (b) frequency drift
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dom data: (a) phase shift and (b) frequency shift
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B. Experimental Results
An off-line experiment has been conducted to further verify the proposed method in the

presence of an interferer and with real AT noise. The setup for the experiment is shown in

Figure 5.20, where an IF QPSK system is tested. The QPSK data is generated by a PC and
is sent to a waveform generator (Rohde&Schwarz Dual Arbitrary Waveform Generator -
ADS) which generates a repeating sequence of 512 symbols. The pulses go to a signal
generator which upconverts the signal to a 10 MHz IF QPSK signal.

At the receiver end, a second-order bandpass AY. modulator from Singor and Snelgrove

[Sing95] clocked at 40 MHz is used to digitize the IF signal.This bandpass AY modulator
provides about 55 dB SNR in a 200 KHz bandwidth. In the setup, a pulse generator (HP
8131A) provides a 40 MHz clock to the bandpass AX modulator and also provides a refer-
ence signal to lock the signal generator (Rohde&Schwarz Signal Generator - SHMU). The
symbol rate for the QPSK is 100 KHz. The rolloff factor for the root raised cosine pulse
filter is 0.5. The digitized 1-bit signal is captured by a logic analyzer (HP 16500A Logic
Analyzer) controlled by GPIB and stored in a PC. Then data is transferred to a SUN Work-
station on a floppy disk.

SPW is used for data processing. A 3-stage dual-differentiator adjustable-timing-phase
CIC decimator is used to perform timing recovery. Since the demodulation implemented
in SPW uses coherent detection, carrier recovery is required to synchronize the local LO

frequency (frequency and its phase) with the received carrier. This is realized with a sim-

ple 4th-power phase estimator [Lee90].
Two cases are tested in this experiment. In one case, there is no interferer. In another
case, there is an interferer located 400 KHz away from the center frequency, which is the

"alternate channel” for a GSM system. The interferer level is +35 dBc.

The scatter plots for both cases are shown in Figure 5.21 (a) and (b), respectively. The
eye opening loss is about 1.1 dB in the first case and is about 1.7 dB in the second case.
This extra 0.6 dB is introduced by the SNR loss due to phase noise (spurs) created by the
timing adjustment.

There are three sources causing the eye opening loss in the interferer-free case:

* The author found after this work that the data from the signal generator is shaped by

132



Chapter 5 : Symbol Timing Recovery via Decimating Oversampled Signals

a raised cosine filter instead of root raised cosine filter. Hence ISI was introduced.
This is the main reason for the eye opening loss.

* The difference between the internal clock of the signal generator and the pulse gen-
erator clock. Although they are locked, the instabilities of the two clocks make a dif-
ference. The author was told after the test that the pulse generator is poor.

* The simple phase estimation is used in the simulation and the phase error contrib-

utes to the loss.

Pulse Generator

v
o 3 ;
Arbitrary Signal , :
Waveform Generator Generator BP AX [ Logic Analyzer .
Q .
fiy=100 KHz fir=10 MHz fi=40 MHz .

Symbol Timing Recovery

Data transfer

via floppy disk

.

Figure 5.20 Experiment setup for timing recovery of an QPSK IF system

When there is an interferer, spurs due to re-timing contribute to further eye opening
loss. The clock instability was estimated to be about 0.1 %. The OSR is 200. The SNRs
are about 12.8 dB and 9.1 dB for the first and second cases respectively. Hence the SNR
degradation is about 3.7 dB due to interferer mixing and the derived SNR bound relative
to the desired signal level is 11.5 dB. From Figure 5.16, the SNR bound for a 0 dBc inter-
ferer is about 48 dB. Hence the SNR bound relative to the desired signal level is 48-35 =
13 dB. As we can see that the estimated SNR bound is 1.5 dB better than the measured.

This test demonstrates that the method works in the presence of practical channel
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impairments and in conjunction with carrier recovery. It is within 1.5 dB of consistency

with Figure 5.16.
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Figure 5.21 Output scatter plots for two different cases

5.6 FPGA Implementation of Symbol Timing Recovery for BPSK

In this section, an FPGA implementation of symbol timing recovery using the proposed
method is described. The objectives are:

* to demonstrate that the hardware of the proposed technique is simple.

* to validate the performance of the proposed technique for symbol timing recovery.

* to verify the stability of the timing recovery loop for long run.

5.6.1 Architecture and Circuit Design

A. Architecture

The timing recovery loop architecture is shown in Figure 5.22 where the incoming sig-
nal is a BPSK modulated IF signal with a center frequency of 10.24 MHz. A second-order
bandpass AY modulator clocked at f, = 40.96 MHz is used to digitize the IF signal. The
sampling rate f; is four times the IF center frequency. The symbol rate is 160 KHz. There-
fore the OSR is 128.

A multi-stage polyphase technique is utilized to save power. The first stage is a 4-phase

polyphase CIC decimator (P4 DDC in the figure) and re-timing occurs at the second stage
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which is a second-order dual-differentiator CIC decimator. P4 DDC, clocked at fi0=10.24
MHz, downconverts the digital IF to baseband and downsamples the sampling rate by 4.

Its architecture is shown in Figure B.2(b) (only one channel is required for BPSK). Since

the dual-differentiator CIC decimator is clocked at fs0- the minimum timing phase adjust-
ment is foT, = 1/64 symbol interval which is sufficient for BPSK.

The timing in the 2-stage dual-differentiator CIC decimator is controlled by f and fi,-
These clocks are obtained by dividing fs0 In two 7/8/9 variable counters as shown in the
figure. The input rates to the halfband filter, data filter and timing error detector are fi, f>,
and f3 respectively. The output sampling rates for those components are f,. f3, and f
respectively. Clocks f5, f3, and f; are generated in the box Clk_Genl by dividing f; by 2. 4,
and 8 respectively. The operating principle of the timing recovery block diagram in Figure

5.22 is the same as that in Figure 5.8.
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Input | BP | [ o—rre Halfband [-+{Data Filter | —— &
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¥ I-—’ @f. |—> @f, y
[
@f, 4——-1
SRR o : Timing
B :J" — 5, + Loop Filter Error 4-J
: gomp : Detector
. £ L 71819 ‘:_ e TH
fi M clk_Genl |—» £, L - ;TT
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fra ® Clk_Gen2 }— fi. f:
_’.fu fJ } j:.

Figure 5.22 A block diagram for the timing recovery via decimation

The purpose of the symbol timing recovery circuit is to synchronize the local timing
with the transmitter timing. Thus, E[f;] = fsy and E[fy] = f;,.
The controller here consists of one comparator and two 7/8/9 variable counters. The

timing diagram is depicted in Figure 5.23, where a timing adjustment of 1/f is made in
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the middle of the symbol for channel f;, and at the end for fi-
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Figure 5.23 Timing diagram in the timing recovery circuit

The output of the loop filter is compared to a threshold TH by comparator Comp to

decide whether to advance or retard the timing phase. Signal Jen 1s used to enable the sig-
nals B,*, B, in the middle of the symbol and B,*, B at the end. The rule controlling the
timing phase is as follows:
* If (loop filter output > TH), then timing phase advance is needed. In this case, B," =
B;* =1 and divide-by-9 counters are selected. Both B,* and B." are gated by f,, and
Ja to ensure that only one adjustment is made within one symbol period for clocks
fi1q and fi, respectively.
* If (loop filter output < -TH), timing phase retard is needed. In this case, B,y =B =1
and divide-by-7 counters are selected. Both B,  and B, are also gated by f.; and f,.
* If (-TH < loop filter output < TH), no timing phase adjustment is needed. In this
case, B," = B* = B, = B;” = 0 and divide-by-8 counters are selected.
Clock fy, is created via the box Clk_Gen2 by dividing J1a by 8. The generation of Ctrl
and f, is also shown in the figure.
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In the design, 8-bit data in two’s complement form are used in the data path such as in

the halfband filter, data filter, timing error detector, and loop filter. The circuits in the
design are given in Appendix C. The SPW fixed point simulation tool was used to perform
simulation to verify the validity of the circuit shown in Figure 5.22. The input data was

generated by the circuit shown in Figure 5.17.

B. FPGA Chip Gate Counts

Gate counts in the implemented FPGA circuit and power dissipation estimation in a

3.3-V 0.5 pm CMOS technology [Baza97] are given in Table 5.2. A 50 % gate activity is
assumed. The total number of gates used is 2321. Also listed are the proportion of gate
counts to the total. One can see that three filters (dual-differentiator CIC, halfband and
data) use most of the gates (20.6%, 20.0% and 36.2% respectively). The estimated power
dissipation is only 1.5 mW. This can be credited to the polyphase architecture in the first
decimator and the low complexity of the proposed timing recovery circuit. A combination
of the multi-stage polyphase CIC decimator and the dual-differentiator CIC decimator can
achieve more power savings.

Note that the two cascaded integrators in the dual-differentiator CIC decimator con-
sume 58.2 % power. The power consumed by extra circuits due to the dual-differentiator
structure (one differentiator, one 7/8/9 counter, and half comparator) in the timing loop is

less than 10 %. The proposed re-timing technique is power efficient.

Table 5.2 Gate counts and power estimation in the timingf recovery circuit

Gate counts Power estimation
Clock
Subcircuits rate #sof | Proportion Power Proportion
(MHz) gates (%) dissipation (%)
(LW)
40.96 4 0.2 819 52
Commutator 10.24 4 0.2 20.5 1.3
P4 DDC 10.24 4 0.2 20.5 1.3
Dual-differentiator 10.24 178 7.7 911.4 58.2
decimator 1.28 300 12.9 192 12.3
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Table 5.2 Gate counts and power estimation in the timing recovery circuit

Gate counts Power estimation
Clock
Subcircuits rate #sof | Proportion Power Proportion
(MHz) gates (%) dissipation (%)
(uW)
MUX 1.28 25 1.0 16 1.0
Halfband filter 0.64 464 20.0 148.5 9.5
Data filter 0.32 840 36.2 1344 8.9
Timing error detector 0.16 192 8.3 154 1.0
Loop filter 0.16 168 7.2 134 0.9
Comparator 0.16 110 4.7 8.8 0.6
7/8/9 counters 0.16 32 14 2.6 0.0
Total 2321 100.0 1565.4 100.0

5.6.2 Test Result

The chip has been tested. The test setup is described in Appendix C.10. The threshold
for the comparator was set to a binary 00001000 which corresponds to 8/127 = 0.063. The
test results are shown in Figure 5.24, where timing phase error signals e;’s and eye dia-
grams are given. The results in Figure 5.24 (a) and (b) were captured immediately after
resetting the chip. Note that the samples are at twice the symbol rate. The timing recovery
circuit took about 100 samples to converge as can be seen from Figure 5.24 (a). One can
see the transition of timing phase adjustment. The eye diagram shown in Figure 5.24 (b) is
plotted after 100 symbols. Note that the samples in Figure 5.24 (b) and (d) are at twice the
symbol rate.

A slightly different result was obtained after a long run, as shown in Figure 5.24 (c) and
(d). It is interesting to note that two converged timing errors are locked with different limit
cycles although they are within the prescribed range [-0.063, 0.063].

In the figure, the mean value of the eye opening is 0.7 and the samples of the eye open-

ing is distributed between (0.8, 0.6). The rms loss of eye opening is about 0.75 dB which is
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the bound for Eb/No degradation [Jeru94].

This Eb/No degradation bound of 0.75 dB measures the performance of the whole tim-
ing recovery loop. The loss may be from the timing error detection, loop delay, non-opti-
mized design, etc. The design has not been optimized for parameters such as the loop
bandwidth and threshold. Better results can be obtained by optimizing the parameters.

The FPGA chip was run overnight to verify the stability of the circuit. Stable operation

was observed.
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Figure 5.24 Measured results: timing errors and eye diagrams

5.7 Summary

In this chapter, we have shown how to realize symbol timing recovery in a AX modula-
tor based receiver by moving the re-timing function into the decimator. To combine timing

recovery and decimation into one function, a modified timing-adjustable CIC decimator
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Chapter 6
Conclusions and Future Work

In this thesis, we have developed three techniques which can substantially reduce
power consumption for portable applications: a novel double-sampling technique for
improving the SNR attainable in power-efficient AS modulators: a combination of
polyphase and multistage techniques to minimize power in high-rate decimation; and a re-
timing decimation technique to avoid the need for an Interpolator in timing recovery cir-
cuits that follow the AX ADC. The novel double-sampling lowpass AX ADCs can be used
in digital baseband digitization receivers. The multi-stage polyphase CIC decimators can
be used with double-sampled AT modulators to achieve low power in baseband digitiza-
tion receivers. They can also be used in IF digitization receivers to achieve low power or
high speed (e.g., GHz AZ modulators). The re-timing decimation for symbol timing recov-
ery can be used in both baseband and IF digitization receivers to achieve low power oper-

ation. These techniques are summarized as follows.

6.1 Double-Sampling Techniques

Double-sampling is an efficient technique for low power applications, especially in a SC
AZ modulator. By using double-sampling, we can ideally improve the SNR by (6M+3) dB
where M is the modulator order or we can maintain the same SNR while decreasing the
clock rate by 2 to reduce the power consumption. However, capacitor mismatch limits the
achievable SNR. We have shown by quantitative analyses and simulations that the SNR
loss is significant. For example, the SNR loss is 18 dB for 0.4 % mismatch in a second-
order double-sampled modulator with EOSR = 128. This limits the achievable SNR to
10~12 bits.

We have provided a practical solution to the double-sampled AX modulators. We have
shown that the dominant mismatch problem turns out to be in the feedback path to the input
integrator. By using a novel bilinear integrator feedback in this critical path, we are able to
mitigate the mismatch effect by a first-order noise-shaping term. In typical examples, this

reduces the SNR loss due to mismatch from about 30 dB in the conventional circuit to less

141



Chapter 6 : Conclusions and Future Work

than 3dB and hence makes double-sampling practical.

We have demonstrated that double-sampled second-, third-order and fourth-order AS
modulators with novel double-sampling techniques are insensitive to capacitor mismatch.
The SNR degradation is negligible compared to the improvement (6M+3) dB that can be
obtained by double-sampling with a typical mismatch range of 0.1~0.5 %. The mismatch
requirement for the fourth-order modulator is slightly tighter, requiring 0.25~0.4%.

We have demonstrated the low power consumption by implementing a second-order
double-sampled modulator in 0.25 pm SOI technology and the simulated SNR is 81 dB
with an OSR of 100. The estimated power is | mW with a 0.9 V power supply. The tech-

niques are also suitable for other battery-powered applications such as in hearing aids.

6.2 Multi-Stage Polyphase CIC Techniques

Following the sigma-delta modulator in a radio is a decimator, which does simple filter-
ing at the high (oversampled) rate. The high-speed part of this circuit, which might typically
consist of three or four 16~24-bit accumulators, often dominates power consumption and
limits clock rates. We have shown that it is not a solution to simply use a multi-stage CIC
decimator since full-rate accumulators still need 8~11 bits. A solution is to combine multi-
stage CIC decimators with polyphase techniques, which also provides a solution to the time
misalignment in a DDC.

We have demonstrated not only a solution for decimation in low-power and GHz-rate
A2 modulators, but, more importantly, provided a design method for a multi-stage
polyphase CIC decimator in these applications. The applications of the new design are
wide, and can be in any low power decimators and DDCs as well as GHz-rate decimators.
The new design allows further power savings by reducing power supplies on the low-speed
circuits, a technique which would further exploit the reductions in clock rate to save power.

We have shown how to determine the polyphase components by considering tone inter-
ference rejection and noise power aliasing rejection as well as by trading off SNR with
complexity. We have shown that it may be possible to simplify design by reducing the re-
quired number of stages in the first polyphase CIC decimator by one, thus saving log,(R,)
bits, where R, is the first downsampling ratio. In a high speed AX modulator, its achievable
SNR may be limited by thermal noise, clock Jitter, etc. The SNR loss due to reducing CIC
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Timing jitter and the SNR bound are determined by two factors: ¢ (the transmitter and
receiver clock rate difference) and OSR. The effects are: (a) fora small o < Tolﬁ , the rms
timing jitter is dominated by OSR and its slope is -3 dB per octave of OSR. The slope of
SNR bound is -3 dB per octave of ¢ or 3 dB per octave of OSR. (b) for a large o > ﬁ ,
the rms timing jitter and SNR bound are dominated by the frequency difference o and their
slopes are 3 dB and 6 dB per octave of & respectively.

We have shown the validity of the proposed method by simulation, experiment and in a
real-time FPGA implementation. One experiment demonstrates that the method works in
the presence of alternate interferer and in conjunction with carrier recovery. The SNR
bound is within 1.5 dB of consistency with the estimate. The low complexity and stability
of the technique was demonstrated. The chip is able to do re-timing for a Binary Phase Shift
Keying (BPSK) IF signal. The eye opening has been measured in the real-time implemen-
tation and it contributes to an Eb/No degradation bound of about 0.75 dB.

The applications of the re-timing technique can be in any receiver employing a AY mod-
ulator. The modulation schemes can be QAM which may require tighter timing jitter for 64
or higher QAM. The complexity of the proposed technique does not increase with a tighter

timing jitter requirement, whereas that of the interpolation method does [Laak96].

6.4 Future Work

There are some issues which need further considerations. They are listed as follows:

1- In a double-sampled bandpass AT modulator, capacitor mismatch creates images to
the interferers. These images degrade the achievable SNR. Using the proposed dou-
ble-sampled bilinear integrator, we may build bandpass AY modulators which are in-
sensitive to capacitor mismatch. Modulator architectures need to be investigated. Ash

Swaminathan has obtained a preliminary result [Swam97].

2- Wideband DDCs implemented by multi-stage polyphase decimators require
polyphase NCOs as shown in Figure B.3 to achieve low power consumption and high
speed operation. Investigation of such polyphase NCO architectures is necessary to
make them possible. Building a FPGA wideband DDC chip to downconvert a multi-
channel IF signal digitized by a wideband ADC may be useful.

144



Chapter 6 : Conclusions and Future Work

3- The timing error may be reduced by interpolating the AY modulated signal or by
modulating the control word for the NCO by a AT modulator. The latter was ad-
dressed in [Rile93] to reduce the close-in phase noise in a fractional-N frequency syn-
thesizer. The AX modulated bit stream may be used to control the NCO and the
energy at the high frequency will be filtered by the close-loop filter.

4- A preliminary design of a different structure, the delay-adjustable CIC decimator is
given in Appendix D. Further research on the performance and limitation of such

decimators is required

5- In a smart antenna, several RF signals are received by respective antennas. A wide-
band receiver is required for each RF chain to select a desired channel and downcon-
vert it to an IF or a baseband digital signal [Mito95], [Kenn95]. The desired IF or
baseband digital signals from respective antennas then go to a digital beamformer
where noise and co-channel interference are suppressed and the desired signal is en-
hanced. The wideband DDC consisting of the proposed polyphase CIC decimator
may be used in a wideband receiver. The proposed delay-adjustable CIC decimator
may be used to replace an interpolator in a digital beamformer to adjust phase
[Prid79]. Oversampled signal processing techniques for smart antennas need further

investigation in terms of performance and limitation.
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Appendix A
Equations for Double-Sampled
Delta-Sigma Modulators

The derivations of equations for double-sampled AX modulators presented in Chapter 3

are given in this appendix.

A.1 Derivations of Egs. (3.9) and (3.15)

The exact expression on the left sides of (3.9) and (3.15) should be,

Y(1+3(1-27"%) = v+3(1-7"?y, (A.1)

which is approximately equal to Y within the band of interest.

A.2 Coefficients in Figure 3.13

More generally, gains of g; and 8> are included to account for the comparator (two

level ADC) and the two-level DAC, respectively. The equation describing Figure 3.13 in

the ideal case can be readily obtained as,

-172 -1

L+ (kg8 - 1)z 7" +kyg,8,2 7

=y Y = kg iRX+E. (A.2)
(1-z ) l-z2

The design goal is to find the parameters in order to make the signal and noise transfer

functions be low-pass and high-pass types respectively as described in Section 2.2. The

left side of (A.2) can be expressed as,

-2, 2 -1/2
k,8,8,(1 -2z ) + (1 -3k,8,8,) (1 -2z ) +2k,8,8,

(1-7""%

(A.3)
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To achieve the lowpass and highpass filtering for the signal and noise transfer func-
tions, we can arbitrarily choose k,, g; and g as can be seen from (A.3). To achieve a unity

signal gain, we have
ky = 2k, 8, (A4)

There are many choices for parameters. If we set k,-g -8 =1/3 and

lcl -8, = 2/3, abetter lowpass function can be obtained and (A.2) can be rewritten as,

(2+ (1-z“’2)2J 2_ <!
~ Y=3—"—5X+E. (A.5)
3(1_21/2) 31_.12

Within the band of interest, the following is obtained approximately,

-1 3 -1/2
Y=Xz +§(1—z )E. (A.6)

A.3 Coefficients in Figure 3.16

In Figure 3.16 in the ideal case, the following relationship between the input and output

can be obtained as,

-1/2 -1 -1/2 -
k48,852 kokyg g,z (1+277) 32
l + -1/2 -172 2 Y = k|k3gl _1/2 2X+E. (A.7)
I-z (1-2""% (1-7"%

The left side of the above equation can be rearranged as,

-1/2 -1 -3/2
T+ (kg,8,-2)z "+ (1 +kyks8,8,—k, 8- 8,)2 +kyk 8,852
—— Y. (A8)
(1-z °7)
If we set
Skyk, = k, (A9)
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interval delay is taken into account in the polyphase components. For instance, the signal
to polyphase component F(z) in Figure B.2 (a) has been delayed by a sampling interval.
Similarly in Figure B.2 (b), the signal to polyphase component F {z) (i =1, 2, 3) has been

delayed by i sampling interval(s). Therefore, the I and Q signals from the downconverter

consisting of a polyphase CIC decimator have been aligned in time.

B. Wideband Digital Downconversion

Fo(2)|

FI(Z)‘
: +H—¥ cic | 1I'Q

Lq FRI-I(Z)

NCO

Figure B.3 A wideband DDC based on a polyphase CIC decimation filter

A wideband DDC is used to select a desired narrowband signal from a wideband IF sig-
nal digitized by a wideband ADC. A digital mixer is necessary in a DDC. In the circuit
design, a multiplier is used to implement a mixer. Since the sampling rate is high, it is
advantageous to reduce the processing rate of a multiplier by using several low-rate multi-
pliers. This is required either by low power consumption or the high speed hardware real-
ization such as in an FPGA implementation. The polyphase CIC decimation filter can be
used to achieve this, and the derived architecture is shown in Figure B.3, where the digital
input IF signal is split into R; phases. The polyphase technique can be also used in the

NCO [Tan95] which is split into R phases. Hence, the operating rate of the multipliers is
reduced by a factor of R;. The use of a polyphase NCO together with a polyphase CIC

decimator has advantages in high speed operation or low power consumption.
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B.2 Circuits Design for 100 MHz DDC FPGA

A. Polyphase Component Circuits

The synthesized circuits for polyphase components -F(2),i=0,2, .., 7, are shown in

Figure B.4 and Figure B.5. The circuits are obtained following the design procedures

shown Section 4.4.1.
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Figure B.4 Circuits of polyphase components for the Q channel

B. A 3-Stage CIC Decimator

A CIC decimator consists of 3 accumulators and 3 differentiators. Since the accumnula-
tors operate at the high rate, a special design is required.

A 2-bit accumulator is shown in Figure B.6, where CI and IN are 1-bit carry-in and 2-
bit input respectively. CO and OUT are 1-bit carry-out and 2-bit output respectively. A 14-
bit pipelined accumulator consisting of seven 2-bit accumulators is depicted in Figure B.7,
where a delayed CO from the previous 2-bit ACC is the input to the next CI. To align the
output, the seven 2-bit inputs require appropriate delays. A cascaded 3-stage pipelined 14-

bit accumulator is shown in Figure B.8.
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The design for cascaded differentiators in a CIC decimation filter is very simple since

the incoming rate is further reduced by a factor of 8 and is 1.5625 MHz. The adder used

here is taken from the circuit library in a design tool and is a carry-save adder [West94].
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Figure B.5 Circuits of polyphase components for the | channel
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Figure B.6 A 2-bit accumulator and its symbol
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Figure B.7 A 14-bit pipelined accumulator and its symbol
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Figure B.8 A cascaded 3-stage, 14-bit pipelined accumulator

C. FPGA Schematic Diagram
The circuit to generate a slow clock SLWCLK of 1.5625 MHz is also shown in Figure

4.13, where an inverter is inserted between CLK and the divider. This is done to make the
rising edge of SLWCLK correspond to the falling edge of CLK. This is to guarantee the
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setup and hold time when SLWCLK is used to downsample the signals, as shown in the fig-
ure. With this SLWCLK, the data is sampled in the middle of a high speed pulse.

The schematic diagram for the whole polyphase DDC is shown in Figure B.9. One can
see that there are eight data input pads and one clock input pad on the left edge. The triangle
symbols next to them are buffers. Eight D flip-flops are used to synchronize the input sig-
nals. The 8-phase signals then go to eight polyphase components. One can see there are 3

adders in each channel. The rest of the circuits implements a 3-stage CIC decimator.

Figure B.9 Schematic diagram for the proposed polyphase DDC

D. Test Setup
The test setup for the DDC chip is shown in Figure B.10. The signal source is a data gen-

erator which outputs data (n; = 8 bits) to the circuit under test (CUT) at a rate of Clkl =
12.5 MHz. The clock rate Clkl = CLK in Figure B.10. The data generator HP8180A has a
memory of 8 kbits. The data was generated by SPW. In the SPW model, a fourth-order

bandpass AX modulator was used to create a 1-bit AX modulated bit stream. This 1-bit data
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was then downloaded to the data generator in such a way that eight parallel bits represent-

ing 8 phases are sent out simultaneously. The download is controlled by a GPIB interface

via a PC. This method of generating 8-phase data from the data generator removes the need

for a demultiplexer, and allows the XC3159A chip to accept a sampling rate Clk1. The chip

output data (n, = 14 bits) together with a clock of Clk2 = 1.5625 MHz are sent to an

HP16500A logic analyzer. This logic analyzer can store up to 4M bytes of data. The clock

rate Clk2 = SLWCLK in Figure B.10. The output data is saved and then transferred to a per-

sonal computer via GPIB ports.

Clk1
GPIB | Data Generator
~"*  HPsis0A n
.---{PC

CUT

Figure B.10 Test setup for the CUT

Cli2
-
Logic Analyzer | GPIB
n:' HP16500A [~
PC |&---

The data generator HP8180A can only store 1024 bits for each of eight ports. The output

of each port represents one phase of the signal. There are 8192 bits for the eight ports. This

allows us to send out 16 different symbols at T, =512 T. The symbol data repeats after 16

symbols and are designed as follows:

Idata={-1, +1, -1, +1, -1, -1, +1, +1, +1, -1, -1, -1,-1,-1,- 1, +1}.
Qdata= {-1,-1,-1, -1, +1, +1, +1, +1, +1, -1, +1, -1, -1, +1,-1, +1}.
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that presented in Section B.2.

C.3 A Halfband Filter

A halfband filter is used after the timing-phase-adjustable CIC decimation filter to fur-
ther downsample the sampling rate by 2. The input sampling rate to the filter is 1.28 MHz
and the output is therefore 640 KHz. Nine such simple filters are listed in [Good77], where
filter F4 is chosen to fulfil this task. This filter is a 7-tap FIR filter. The coefficients before
and after normalization to 32 are as listed in Table C.1. The normalized values are used for
implementation. Note that only half the coefficients of this halfband are shown due to its
symmetry. The frequency response of the halfband filter is shown in Figure C.2(a), where
aliasing attenuation is around 37 dB. The circuit for the halfband filter is depicted in Figure
C.3(a) where a polyphase architecture is used. The input data is demultiplexed into two
lower-rate streams (the sampling rate is divided by 2). The implementation of a coefficient

in a shift-and-addition manner is shown in Figure C.3(b).

Table C.1 Coefficients in halfband and RRC filters

Halfband Filter RRC Filter
Normalized Normalized
Coeffs. Values by 32 Values by 32
h(0) -3 2495 0 0
h(1) 0 0 0 0
h(2) 19 2l L0495 0
h(3) 32 20 -1 95
h(4) -2 o4
h(5) -2 24
h(6) 4 9-3
h(7) 17 21 o5
h(8) 30 20 _ o4
h(9) 36 20 , 2-3
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Figure C.3 (a) The halfband filter and (b) its coefficient implementation

C.4 A Root Raised Cosine Filter

The data filter used in the timing recovery circuit is a root raised cosine (RRC) filter.

The filter is a receiver matched filter. Together with an identical filter on the transmitter

side, a Nyquist inter-symbol-interference (ISI) free filter is achieved. This filter does two

jobs: (1) to downsample the input sampling rate of 640 KHz to an output rate of 320 KHz

(twice the symbol rate), and (2) to shape the signal to meet the Nyquist ISI-free criterion.
A 19-tap RRC filter is designed. The rolloff factor is 0.5. The coefficients before and
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after normalization to 32 are as listed in Table C.1. The normalized values are used for im-
plementation. Note that only half the coefficients are shown due to their symmetry. The fre-
quency response of the halfband filter is shown in Figure C.3(b), where the aliasing
attenuation is around 38 dB. The circuit implementation is similar to that in Figure C.2 and

therefore is not shown here.

C.5 A Timing Error Detector

The algorithm of the timing error detection for a QPSK signal is from [Gard86]. For a

BPSK signal, the algorithm becomes, e (k) = y(k—%) (y4(k) =y, (k—1)), where y(.)

is the sampled baseband signal and y(.) is a hard-decision based on y (either 1 or 0). The

circuit realizing the timing error is shown in Figure C 4.

8 1 —38
y(n) :‘D
D
D t—x
ef; > ef,

Figure C.4 Circuit for the timing error detector

Since y is in two’s complement, we have the most significant bit (MSB) of y:

MSB(y(k)) =0, if y(k) >=0

MSB(y(k)) = 1,if y(k) <0

A signal w(k) is obtained by substracting MSB(y(k-1)) from MSB(y(k)), as shown in Fig-
ure C.4, namely, w(k) = MSB(y(k-1)) - MSB(y(k)). One can have,

w(k) = 0, if MSB(y(k-1)) = MSB(y(k)), that is y (k) - y(k-1) = 0.

w(k) = 1, if MSB(y(k)) = 0 and MSB(y(k-1)) = 1, that is YLk) - yAk-1) =-1.

w(k) = -1, if MSB(y(k)) = 1 and MSB(y(k-1)) = 0, that is y (k) - yak-1)=1.

Hence in two’s complement, we have

w(k) =00, e(k) =0,
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w(k) =01, e(k) = - y(k - 1/2),
w(k) =11, e(k) =+ y(k - 1/2).

C.6 A Loop Filter
The loop filter with quantized coefficients is given by,

1

1 1+z7
H(z) = ng_l. (C.1)

This filter has not been optimized for the timing loop. The design criterion is to compro-

mise between performance and complexity. The loop filter is shown in Figure C.5.

Figure C.5 Circuit for the loop filter

C.7 A Comparator
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Figure C.6 Circuit for the comparator

The comparator circuit is shown in Figure C.6. The outputs of the comparator are used
to drive the 7/8/9 counter.The comparator is used to compare the input data x with the
threshold value TH > 0 according to the following rules:
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C.9 FPGA Schematic Diagram

The timing recovery circuit using the decimation method was implemented with Xilinx
XC3159A. The schematic diagram for the whole circuit is shown in Figure C.8.

As shown in the figure, the front-end is a 4-phase DDC which only takes two phases of
the input signal (the first and the third) for the BPSK signal. Following two clock shaping
D flip-flops are two polyphase components (-F 1(z) and F3(z)). Those two-phase signals
are added by a 4-bit adder. Under the adder are two 7/8/9 variable counters, below which
are a cascaded integrator and a cascaded dual-differentiator. One can see that the multi-
plexer follows the two differentiators. On the bottom, there are the halfband filter, root

raised cosine filter, timing error detector, loop filter and comparator.

:':‘:1::__:-— - == = B | ~ =t ) == e = |
O > ¥ S—
— — =

Figure C.8 Schematic diagram for the proposed timing recovery Circuit

C.10 Test Setup
The test setup for the symbol timing recovery chip is shown in Figure B.10. The signal

source is a data generator which outputs data (n; = 4 bits) to the CUT at a rate of Clk] =

164



Appendix C : Circuits Design for Symbo! Timing Recovery

10.24 MHz. The input clock rate Clkl = fs0 in Figure 5.22. The data was generated by

SPW. The circuit shown in Figure 5.17 together with a second-order bandpass AY modula-
tor was used to create a 1-bit AX modulated bit stream. This 1-bit data was then down-
loaded to the data generator in a way that four parallel bits representing four phases are

sent out simultaneously. The output data (n, = 8 bits) clocked at CIk2 = 320 KHz was sent
to a logic analyzer. The mean value of the output rate CIk2 = f; in Figure 5.22 is twice the

symbol rate f;,. The output data was saved and then transferred to a personal computer via

a GPIB port.
The data generator can store 1024 bits for each of four ports. The output of each port
represents one phase of the signal. There are 4096 bits for the four ports. This allows us to

send out 16 different symbols at T;, =512 T. The symbol data repeats after 16 symbols and

1s designed as follows:

16 symbols = {+1, -1, +1, -1, -1, -1, +1, -1, -1, +1, +1, +1, -1, +1, +1, -1}.
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Appendix D
Adjustable-Delay Re-Timing
CIC Decimators

As mentioned earlier in Section 5.1, another way for re-timing is to use an adjustable-
delay decimator with fixed re-sampling clocks. In this method, the re-sampling phase is
adjusted by changing signal path delays instead of the re-sampling clock. In this appendix,

a brief description is given for such a decimator. Further investigation is required.

N-Stage
CIC Decimator
-R\N
1-7 P -Tap P 2—Tap
—_—| -2} < -dl 1 -d0 ] L 5
z ( 1) By Eaimg Decimator | *12—| *] Decimator

e T T

Oversampled
Signal @f; @flzfs‘/R @f2=f1/2 @f3:f2/2

Figure D.1 An adjustable-delay CIC decimator

An adjustable-delay decimator based on a CIC decimator is shown in Figure D.1. This
decimator decimates an oversampled signal and meanwhile adjusts the signal delay. Note
that all the clocks are fixed while in the method discussed in Chapter 5 the re-sampling
clock is varied. In this method, the signal path delays are adjusted to realize the timing

phase adjustment. The delay adjustment is realized by controlling integer delays dg, d;,
and d, before each decimator.

An N-stage CIC decimator downsamples the input signal by a fixed downconversion
factor R, that is, fi = f/R.The rate at P,-tap decimator output is f = f,/2. The rate at
P,-tap decimator output is half the rate of f,. The nominal value of f3 is designed to be
twice the nominal value of fsy In the actual case, they are different due to the drift between

the transmitter and local receiver clocks. The signal delay that can be adjusted is,
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